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ABSTRACT

As a special kind of load that requires periodic high power bursts, pulsed loads
are widely being powered using solid state converters in various modern applications,
such as radar, nuclear magnetic resonance imaging (NMR), light detection and ranging
(Lidar), etc. The related power converters need to handle the following three conditions:
1) high peak to average power ratio (PAPR); 2) small duty ratios under peak power; and
3) fast pulse rise and fall times. With the additional requirement of high power density
in modern space-constrained applications, these bring several challenges in the design

of such ‘pulsed power supplies’ or PPSs.

In applications involving voltages up to 900 V, Gallium Nitride (GaN) devices
are increasingly being preferred due to their advantages over Silicon Carbide (SiC) and
Silicon (Si) devices. For example, GaN devices’ lowest switching loss helps the PPSs
to operate in higher switching frequencies, which increases converters’ response speeds
and reduces the size of the passive components. This dissertation bridges the use of GaN
devices with new converter architectures and control techniques to improve the power

density and response speed of PPSs.

First, design and development of a high power density 375 V input, 50 V output,
two stage GaN based DC/DC converter prototype for 4 kW/800 W (peak/average)
pulsed load application is discussed, along with its hardware, in this dissertation. By the
benefits of lower switching loss, the first stage isolated converter can operate in a higher
frequency to reduce transformer size. Higher switching frequency of 1 MHz also

contributes to a high bandwidth of the second non-isolated converter stage, which



improves the transient performance. A novel average current control strategy has been
proposed and applied in this PPS, which reduces the input current noise at pulse
repetition frequency (PRF), and, therefore, reduces the input filter size and power rating.
Some practical issues, such as the failure of zero voltage switching (ZVS) during light
load, voltage ringing caused by GaN devices with small Coss, and the limit of DSPs’
processing speed, have also been discussed in this two stage converter. Solutions to

these problems have been proposed and verified via experiment results.

A novel power converter architecture that can be applied in pulsed NMR
applications such as in subsea or downhole formation evaluation has been proposed and
verified in this dissertation. The proposed topology reduces the volume of the
transformer, input filter, and midpoint capacitor due to a unique average power control
strategy. A 150 V to 400 V, 20 kW peak power converter is designed. Simulation results,
scaled-down experimental results, and design analysis are also provided in this

dissertation to prove the validity of the proposed architecture.

Finally, a linear assisted DC/DC converter for PPSs to improve the response
speed is also proposed in this dissertation. The main power is transferred by a highly
efficient LLC resonant converter and the linear amplifier is responsible to compensate
for the current difference during the load transients. The otherwise large output
capacitor size gets reduced due to this converter’s fast response speed. A ‘band
separation’ solution is proposed and verified by simulation to deal with the practical
issues arising from the parallel output connection between the LLC resonant converter

and the linear amplifier.

Vi
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CHAPTER 1. INTRODUCTION

1.1. Introduction

Pulsed power applications widely appear in various fields of modern industry,
such as particle accelerator, nuclear magnetic resonance (NMR) spectroscopy, radar,
and 4G/5G communication system [1]-[4]. For example, radar transmitters are designed
to periodically send short bursts of energy out at radio frequencies (RFs) so that the
receivers can detect the targets by analyzing the echoes. The pulse repetition frequencies
(PRFs) are typically in kilohertz level but the pulse durations are generally in
microseconds [5]-[8]. This means that the peak power only occurs in a very small
portion of the whole transmitting period. NMR spectroscopy also adopts pulsed power
to periodically excite the magnetic field. The pulsed power rise and fall times are
required to be tens or hundreds of nanoseconds [9]-[13]. Modern communication
modulations, such as orthogonal frequency-division multiplexing (OFDM), also lead to
a high peak to average power ratio (PAPR), which makes the transmitter operate in
pulsed modes [14][15].

Based on the above-mentioned examples, it can be noticed that pulsed power
applications have three main characteristics as follows: 1) high PAPR; 2) small duty
ratios under peak power; and 3) fast pulse rise and fall times, which are very different
from common power applications with relatively stable power demand. Therefore, the
power supplies of these pulsed power applications are classified as a specific kind and

popularly referred to as pulsed power supplies (PPSs). Unfortunately, the above three



characteristics bring several issues to the PPS designs, such as low efficiency and low

power density.

1.2. Practical issues faced in the designs of the pulsed power supplies

As one of the main loads in the earlier discussed pulsed power applications,
power amplifiers (PAs) must operate under very well-regulated supply voltages to
ensure their performances of linearity and low noise, which proposes high requirements
on the output voltage regulation of the PPSs.

The detailed output voltage regulation requirements of PPS are elaborated in
Figure 1-1. The Viippie IS the inherent switching ripple of the switching power supply
and Vundershoot/ Vovershoot 1S caused by the transient pulsed load on/off. Both parameters
will insert noise to the PAs at power supply switching frequencies and PRFs
respectively. Varoop IS the voltage difference of average output voltage between the start
and the end of a single pulse. Large Varoop harms the linearity of a PA as its voltage gain
changes with the instantaneous supply voltage (also assumed as biasing voltage).
Typically, -0.5 dB is the maximum acceptable voltage droop to avoid large signal

distortion [16].

Vdrcop

Iy
v 4 A ¥ i v Vovershonl
ripple 'y
v v A

Vundershool

Figure 1-1 Ideal PPS output voltage waveform.

Two main methods can improve a switching power converter’s voltage
regulation performance. These are, i) increasing the switching frequency and ii)

increasing the output filter size. However, simply increasing switching frequency or

2



output filter size results in serious power loss and low power density, which cannot meet
the requirement of high efficiency and miniaturization in modern power converter
designs. Therefore, a lot of research focused on the innovations of the power converter’s
structures and control methods to improve the output voltage regulations. The main
existing techniques will be summarized in section 1.3.

On the other hand, since the peak power is only needed in very short duty ratios,
these PPSs’ power ratings are seriously over-designed, which causes massive cost 10ss
and bulky converter sizes, especially for the switches, inductor, and transformer sizes.
In addition, PRFs at such a high PAPR results in large amplitudes of PRF harmonics on
the input side, which brings PRF noise to the other systems connected in the same DC
bus. Since PRFs are generally in low frequencies (kilohertz level), they make the noise
impact even worse and hard to filter out. A conducted emissions test standard (CE101)
has been proposed to gquantitatively limit the low frequency (LF) noise as shown in

Figure 1-2 [17].
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Figure 1-2 Conducted emissions test standard (CE101) for low frequency (LF) noise.
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To meet the requirement of CE101, low pass filters with large capacitance and
inductance values have to be used to filter out these LF harmonics. Besides, a PPS’s
input side is commonly a high voltage side, which means the components of the input
filter need high voltage ratings. Therefore, total power density gets reduced further. In
consideration that these pulsed power systems are typically applied in narrowly spaced
environments, such as ships, underground logging tools, and base stations, the high
power density is a very high priority demand on the PPSs designs. Section 1.3 will also
introduce some converter topology designs that can improve the utilization rate of
converters’ power rating and reduce the input side LF harmonics to increase the power

densities.

1.3. Converter architectures used in pulsed power supplies (PPSs)

Based on section 1.2, it can be concluded that the three main objectives in the
PPSs design are: increasing the power densities, increasing power efficiencies and
increasing the response speeds to the load transients. A significant amount of research
has been done to achieve these objectives, based on the different architectures of power
converters. The existing architectures can mainly be classified into four kinds as follow:
1) single stage PPS, 2) series connected two stage PPS, 3) parallel connected two stage

PPS, and 4) active-controlled storage components PPS.

1.3.1. Single stage PPSs

The block diagram of single stage PPSs is shown in Figure 1-3. The types of the
power conversion block in the diagram can be classified as linear power supply and

switching power supply.



Vin Single stage PPS — (D Load

TLILL

Figure 1-3 Block diagram of single stage PPSs.

Linear power supplies force the power FETSs operating in the saturation region
to continuously conduct the power. Since there is no switching behavior, the linear
power supplies can achieve extremely low noise and excellent output voltage
regulations. However, due to the operation in the saturation region, all the voltage
difference between Vi, and Vou is added to the power FETs which produces massive
power loss and limits the output power range. A lot of low-dropout regulators (LDOs)
have been investigated to improve the efficiency [18][19], but their output current and
voltage level still cannot fit the high power high voltage pulse power applications.

Switching power supplies adopted in the block diagram of Figure 1-3 can be a
buck converter, boost converter, LLC resonant converter, phase shift full bridge (PSFB)
converter, or any other types of switching power converter (If not specified mentioned,
power converter stands for switching power converter in the remaining part of this
dissertation). A certain type of power converter is chosen depending on the specific
functional requirements of the PPS, such as voltage stepping down/up and isolated/non-
isolated. However, since there is only one stage, all these power converters have to
switch in high frequencies or adopt bulky output filters to achieve great voltage
regulations, which causes low efficiency and low power density as discussed in section

1.2. Another problem is that the single stage doesn’t have any ability of energy



buffering, which means almost all pulsed load power will be reflected to the input side
in real-time. Then, the large LF harmonics will appear on the input side and bulky input

filters have to be adopted to reduce the harmonics.

1.3.2. Series connected two stage PPSs

The block diagram of series connected two stage PPSs is shown in Figure 1-4.
The benefit of using a two-stage structure is that stage | can step down the high input
voltage to an intermediate level so that stage Il can adopt lower voltage rating devices
with less parasitic capacitances (Coss) to reduce the switching loss at high switching
frequency. Since the output voltage regulation is mainly dependent on stage 1, stage |
can switch in lower frequency, which sacrifices the first stage’s voltage regulation for
higher power efficiency. Then, the high switching frequency in stage Il improves the
output voltage regulation performance. The lower voltage devices used in stage 11 also
have smaller on state resistance (Rason) to reduce the conducting loss, therefore the total

power efficiency can still be maintained at the desired level.

Vid

D Load
JLILL

Vin PPS: Stage| | Cmia ——

Figure 1-4 Block diagram of series connected two stage PPSs.

An unregulated LLC resonant converter (stage 1) plus buck converter (stage 1)
topology is proposed in [20] to realize this series connected two-stage structure, where
the unregulated LLC resonant converter always switches in resonant frequency to

minimize switching loss due to the zero voltage switching (ZVS) benefits. However,
6



the unregulated first stage cannot buffer the pulsed load at the intermediate voltage Vmid,
so a large input filter is still necessary. In [21], a slow response first stage is proposed
to allow flexible Vmiq to reduce the LF harmonics on the input side. However, the slow
response voltage loop controller cannot average the pulsed load current precisely at
different average power levels (caused by variable pulse duty ratios or different pulse
peak voltages). Thus, the input filter size cannot be reduced greatly. In addition, the
varying intermediate voltage also causes an obvious voltage droop on stage Il output

voltage due to its poor line regulation, which harms the PA’s linearity.

1.3.3. Parallel connected two stage PPSs

The block diagram of parallel connected two stage PPSs is shown in Figure 1-5.

Vout

Cout
VinCJD PPS: Stage | — CD Load
JLIL

Figure 1-5 Block diagram of parallel connected two stage PPSs.

Based on the discussion in previous sections, it can be noticed that there is
always a trade-off between fast response speed and high efficiency. Therefore, the main
ideal of parallel connected two stage PPSs is adopting a highly efficient stage | to supply

main power to the load and a fast response stage 11 to improve the overall output voltage



regulation. Since stage 11 only compensates for the power difference between the output
of stage | and the pulsed load during the on/off transient, the overall high efficiency can
still be maintained.

In consideration of the low power rating feature and fast response speed
requirement of stage Il, linear power supplies are reutilized to realize the parallel
connected two stage PPSs structure, the experimental results in [22][23] prove that
parallel connected two stage PPSs can achieve excellent regulation performance and
high efficiency simultaneously. However, the linear amplifier needs an extra DC voltage
level for biasing and a special circuit design for the parallel connection, which increases
the complexity and size of the whole system.

A dual parallel buck converter is proposed in [24], in which one buck converter
operates in lower switching frequency for normal voltage regulation and the other one
in higher switching frequency for compensating the current difference between the slow
buck converter and the pulsed load transients. However, this topology’s rating is
redundant since both buck converters are designed to handle the pulses’ peak power.

Moreover, compared with series connected two stage PPSs, all above-mentioned
parallel connected two stage PPSs can’t buffer the pulsed load power so that large input

filter and excessive device ratings (peak pulse power) are still needed.

1.3.4. Actively-controlled storage components PPSs

PPS block diagram involving actively-controlled storage components is shown
in Figure 1-6. The difference from parallel connected two stage PPSs is that the stage Il

is replaced with an energy storage component with active control. When pulse load is



off, the power converter will intentionally transfer excessive power to the energy storage
component. Then, the stored energy will be released by the energy storage component
when the pulse is on. By this behavior, two benefits can be achieved as follow: 1) input
side will only see the average power of pulsed load, which reduces the PRF harmonics
and the input filter size; 2) the extra energy in the energy storage component helps the
power converter to compensate the power difference during pulse on/off transient,

which improves the output voltage regulation.

Power 1
Vin Converter -1 (D Load

Figure 1-6 Block diagram of active-controlled storage components PPSs.

An active capacitor converter is proposed in [26] to realize this active-controlled
storage components PPS. The schematic and main operating waveforms are shown in
Figure 1-7. By adopting a large storage capacitor with a bidirectional interface converter
connected in parallel with the pulsed load, the equivalent load will be the average power
during a whole pulse period. However, this structure will consume more power since
most energy goes through the bidirectional converter twice in one pulse period and the

load information is needed to control the storage capacitor circuit.
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Figure 1-7 Schematic and main operating waveforms of active capacitor converter.

An active inductor topology is also proposed in [27], and the schematic and
different operating phases are shown in Figure 1-8. The converter charges the output
inductor in advance to reduce the rise time of the output current. However, the pre-
charging inductor circuit increases the loop conducting losses, further, load information

is still needed.
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(c) operating phase 2 (d) operating phase 3

Figure 1-8 Schematic and main operating phases of active inductor converter.

10



1.4. Performance overview of GaN FETSs

To build the hardware of PPSs, the choice of power switching devices is
important to achieve low losses and high power density. The power loss is mainly

composed of two parts: conduction loss and switching loss, which can be presented as

Couduction loss = EIdSZRdsonf (1.1)
o 1 2
and Switching loss = ECOSSVdeSW, (1.2)

where Rason IS the equivalent conducting resistance of the power FET, lgs is power FET’s
conducting current, Vgs is the voltage across the power FET when turning on, Coss is the
equivalent output capacitance of the power FET and fsw is the switching frequency.
From (1.1)(1.2), it can be noticed that the conduction loss is proportional to the Radson
and the switching loss is proportional to the Coss Of the device.

Therefore, the Rason and Coss Of three widely used power switching devices
technologies, Silicon, Gallium Nitride (GaN), and Silicon Carbide (SiC), will be
compared in this section. In consideration that the supply voltages of PPSs are typically
from the rectifiers after the AC source and the input voltages for common pulsed loads
are less than 500 V, the blocking voltage (Ug) of power switching devices are focused

in the range from 100 V to 1000 V.

1.4.1. Benefits of GaN FETs over SiC and Si FETs

The Us related Rgson can be presented as [28]

krUgR
Adie

(1.3)

Rdson(UB) =

11



where Adie is the die area, kr is the technology-specific constant and ar is the voltage-
scaling factor. Figure 1-9 shows a survey of commercially available state-of-the-art
devices and Table 1.1 gives the empirically-fit exponential coefficients and constants
for each technology. From Figure 1-9, it can be noticed that GaN devices have the
smallest theoretical value of Rgson at the range of 100 V to 1000 V and the available

commercial devices survey also proves this conclusion.

10°

Ug (V)

Figure 1-9 Specific Rason at 25 °C junction temperature (T;) for a selection of commercial power
semiconductors. The Si, SiC and GaN theoretical limits from [29]-[31] are shown
(dashed) together with the power function fits (kr -Ug"®) given in Table 1.1.

Table 1.1 Scaling factors ar and kr for Rason, Kr is given such that Rason is in mQ-mm? and is fit at

Tj=25°C
Si SiC GaN
kr 4.8*10* 7.2%10°% 0.26
OR 2.5 1.6 11

The Ug related Coss can also be presented as [28]

Coss(UB) = kCU}?CAdie’ (1-4)

12



where kc is the technology-specific constant and ac is the voltage-scaling factor. Figure
1-10 shows a survey of commercially available state-of-the-art devices and Table 1.2
gives the empirically-fit exponential coefficients and constants for each technology. It
can be noticed from Figure 1-10 that GaN devices have the smallest Coss except the one
at 200 V and 250 V and SiC is much more suitable for the application over 900 V.

l[}.'{ .

m 5
e SiC ]
& GaN |

(]
1

[
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{pF /mm?)
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[—
p—
f—
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0

10" - :
10° 10° 10

U (V)

Figure 1-10 Specific charge-equivalent output capacitance Coss for a selection of commercially-
available power devices. The power function fits (kc -Ug®®) are given in Table 2.

Table 1.2. Scaling factor ac and kc for Coss. Kc is given such that Coss is in pF - mm™

Si SiC GaN
ke 2.4*10° 1.6*10* 2.7*10°
ac -1.6 -1.0 -0.7

Based on the comparisons of the Rason and Coss, it can be concluded that GaN
devices contribute to smaller conducting and switching losses. Besides, the turning
on/off speed of the devices is also compared in [32]. All similarly rated commercial

devices are chosen and operate under the same switching conditions. The results shown
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in Figure 1-11 prove that the GaN devices have the fastest switching speed, which is

most suitable for the power converters switching at high switching frequencies.
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Figure 1-11 The transients of the silicon, SiC & GaN devices. It can be seen that the GaN device is
the fastest in all switching.

1.4.2. Challenges involved with using GaN FETs in PPSs

The major reasons for the GaN devices’ advantages can also be explained by its

inherent materials properties shown in Table 1.3 [33].

Table 1.3 Different properties of Si, SiC, and GaN devices

Materials Property Si SiC GaN

Band Gap (eV) 1.1 3.2 34

Critical Field 106 V/cm 0.3 3 35
Electron Mobility (cm? /V-sec) 1450 900 2000
Electron Saturation Velocity (10° cm/sec) 10 22 25
Thermal Conductivity (Watts/cm? K) 15 5 1.3
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The high critical fields of both GaN and SiC compared to Si allow these devices
to operate at higher voltages and lower leakage currents. Higher electron mobility and
electron saturation velocity allow GaN devices for a higher frequency of operation and
smaller equivalent on-resistance. However, GaN devices also have an inherent problem
of the smallest thermal conductivity. This drawback causes the GaN devices to increase
the maximum junction temperature in these three devices when conducting the same
load current. And the maximum junction temperature will in turn dramatically increase
the Rason OF the GaN devices. Therefore, the heat management for GaN devices brings

more challenges for system designers to contend with.

1.5. Research objective

Because of the shortcomings of original PPSs, this dissertation will re-assess the
requirements of the power supplies for three pulsed power applications and propose
improved solutions using GaN devices to advance the PPSs’ efficiencies, power
densities, and response speeds. The circuit and controller designs will be included and
the main non-ideal conditions in practical applications will be taken into consideration.
Simulations and/or hardware results will be provided to justify the effectiveness of

proposed solutions.

1.6. Dissertation outline

This dissertation is organized into seven sections. Chapter 1 introduces the main

characteristics of the pulsed loads and summarizes the benefits and drawbacks of
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existing techniques of PPSs. GaN devices’ advantages and disadvantages compared to
Si and SiC devices are also been analyzed.

A novel two stage high power density fast response PPS for pulsed power
amplifiers is designed in chapter 2 to increase the power density and response speed. A
special average current control strategy is proposed and verified. By using the unique
control strategy, first stage power rating and size of input filter and midpoint capacitors
get reduced, and therefore power density increase dramatically. Some hardware
practical application issues, such as hard switching during light load, ringing caused by
small Coss, limited DSP calculating ability in high switching frequency are discussed in
chapter 3 and chapter 4. Related improving methods on circuits and controllers are also
proposed and verified.

Chapter 5 designs a novel power converter architecture applied in pulsed NMR
applications. Proposed topology reduces the volume of the transformer, input filter and
midpoint capacitor due to the average power control strategy. A 150 V to 400 V, 20 kW
peak power converter is designed and the simulation results, scaled-down experimental

results and design analysis are described to prove the validity of the proposed topology.

Chapter 6 proposed a linear assisted DC/DC converter design for the pulsed load
to dramatically improve the response speed. The main power is transferred by a high
efficient LLC converter and the linear amplifier is responsible to compensate for the
current difference during the transient. Large output capacitor gets reduced by this
converter’s fast response. A band separation solution is also proposed to deal with the

output parallel connection issue.
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Chapter 7 is the conclusion for this dissertation and the outlook of the future

work.
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CHAPTER 2. PPS FOR POWER AMPLIFIERS IN RADAR

APPLICATIONS

Pulsed PAs are widely used in radio frequency applications. Since these pulsed
loads usually operate in short duty ratios with high peak current, there are traditionally
two main challenges in the converter design: high power density and response to fast

load transients.

2.1. Existing DC/DC converters for pulsed power amplifier applications

To address these challenges, a lot of existing techniques has been discussed in
chapter 1 but all the above-mentioned converters can only partially solve the problems

and still have relatively large size caused by the input filter or excessive device ratings.

Iin, N _rYErY\ """""""""""""""""" Vou
. Isolated S N - AN Tload
VinQO | converter - G Y I
I I —— ‘

Figure 2-1 Block diagram of the conventional converter.

An isolated converter with a large capacitor bank C, (>> 10 mF) is still widely
used as the conventional method (shown in Figure 2-1) to supply power for pulsed mode
PAs [34]. When the pulse is on, S1 turns off. Cz supplies the power needed by the pulsed
load. When the pulse is off, S1 turns on and the isolated converter charges C: in a
relatively smaller current compared with a pulse on load current. It can be understood
that S1 changes the high PAPR low duty ratio real pulsed load to an equivalent low

PAPR high duty ratio pulsed load. Therefore, the isolated converter can be designed in
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a lower current rating and the input filter can get reduced partially. However, since all
the power is supplied by C» during pulse on, an extremely large capacitance value is

needed to maintain the PA’s requirement on output voltage droop and under/overshoot.

2.2. Proposed two stage structure for higher power density

This chapter presents a GaN-based two-stage converter as the power supply for
pulsed load PA to address the above-mentioned issues and the possibility of achieving
the design target as given in Table 2.1.

Table 2.1: Design Specifications

Symbol Description Values
Vin Input voltage 325V to 400 V
Vout Output voltage 50V
Vdroop Output voltage droop during pulse <0.5V (1% Vouw)
Vunderfovershoot Output voltage under/overshoot at pulse on/off <0.75V (1.5% Vou)
lioad_on Pulse on load current 2 x40 A
lioad_off Pulse off load current ~0A
Triseffall Load current rising/falling time <<1us
Dioad Pulse duty ratio 5% to 20%
fioad Pulse repeat frequency 1 kHz
lin_noise Input current harmonics 95 dBUA@ < 2.6 kHz
Converter power density > 150 W/in®
Total power density with cooling > 75 W/in®

The major contributions and advantages of the proposed converter are as

follows:
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e Two-stage architecture with flexible intermediate DC bus can reduce the size of
storage (energy transfer) capacitor to < one-twentieth, in comparison with
conventional methods.

e Average current control on the first stage (isolated converter) can reduce the size of
low-PRF input filter by over 80% of the one without average current control.

e With the proposed input feed forward compensator, the second stage (fast converter,
buck) achieves better line regulation performance which overcomes the load-side
issues caused by wide-ranging flexible intermediate DC bus.

e GaN-based converter design achieves high average efficiency (>> 90%) and power
density (>150 W/in®), despite the pulsed nature of the applications.

The benefit of using a two-stage structure is that the converter functionalities are
split between the stages to meet the specification. The first isolated stage steps down the
high input voltage to an intermediate level with high efficiency. Whereas the second
‘buck’ stage uses a lower voltage rating device with less parasitic capacitance (Coss) to
achieve reduced switching loss at high switching frequency (~1 MHz) operation. The
second stage is controlled at high bandwidth to respond fast to handle pulsed load
transients.

Proper selection of topologies and control technique of the two stages plays a
vital role to achieve the desired specification. An unregulated LLC can be used as the
first stage to achieve high efficiency [3]. However, the unregulated first stage cannot
buffer the load pulse at an intermediate level, so a large input filter is still necessary. In
[4], a slow response first stage is proposed to allow flexible intermediate voltage (output

voltage of the first stage) to reduce the current harmonics on the input side. However,
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the slow response voltage loop controller cannot average the pulsed load current
precisely at different average power levels (caused by variable pulse duty ratios). Thus,
the input filter size cannot be reduced greatly using two-stage in [4], for a wide pulse
duty ratio range (5% to 20%). In addition, the varying intermediate voltage also causes
an obvious voltage droop on second stage output voltage due to its poor line regulation,
which is not suitable for a PA application since it has an extremely high requirement on
its supply voltage droop (-0.5 dB maximum) to avoid signal distortion [35].

This chapter discusses an average current control on the first stage and an input
feed forward compensator on the second stage to fix the issues of the earlier mentioned

two-stage converter. The functional block diagram is shown in Figure 2-2.

I.
5 Vhid Vou
vl | o | D e (S
in \o T Fast converter Y I
converter Chid

Figure 2-2 Block diagram of proposed converter.

Since the first stage isolated converter is limited to only transfer average power,
lower current rating components (transformer and switches) can be utilized. Low PRF
current harmonics also shrink dramatically on the input side. A high bandwidth buck
converter is designed as second stage fast converter to meet the pulsed load transient
requirement. To compensate for the current difference between continuous average

current lavg and pulsed peak current Ipuise, @ midpoint capacitor Crig is adopted.
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The operating principle will be elaborated in Section 2.3. Section 2.4 and Section
2.5 discuss the first and second stage design respectively. A 375 V input 50 V output
converter prototype for 4 kW/800 W(peak/average) pulsed load has been built and
tested. The simulation and experimental results are discussed in Section 2.6 to verify

the validity of the proposed topology. Section 2.7 is the summary.

2.3. Operating principle

The schematic and ideal operating waveforms of the proposed converter are
shown in Figure 2-3 and Figure 2-4. It adopts a zero-voltage switching (ZVS) phase
shifted full bridge (PSFB) topology as the first stage. Series capacitor Cy is designed to
avoid transformer saturation. Diodes D1 and D are designed for clamping purposes.
Midpoint voltage Vmig is the flexible intermediate voltage. The second-stage fast
converter adopts buck converter topology. A single isolated converter is designed to

supply power for two fast converters with pulsed PA loads.
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Figure 2-3 Schematic of proposed converter.
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Figure 2-4 Ideal main operating waveforms of proposed converter.

An average current control strategy has been designed for the isolated converter
to ensure that only average power is drawn from the voltage source Vin. It is noteworthy
that transmitting average current is not equal to transmitting constant current. For a
certain application, peak load current may be constant, but its pulse width can change
between pulse periods. Average current control automatically modifies its output
current to follow the average current changes between pulse periods but doesn’t affect
the current transients that vary inside a single pulse period. Besides, since the first stage
only transfers average current, device ratings decrease dramatically to support the high
peak to average power ratio (e.g., 4 KW vs. 800 W).

A fast response voltage mode control is adopted in the buck converter to meet
the load transient requirements. Due to the lower switching loss of Gallium Nitride

(GaN) devices and lower Vmig Voltage compared to Vin, the fast converter can switch at
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high frequency to achieve high bandwidth. The midpoint capacitor Cmig compensates
for the instantaneous power difference between the two stages. The energy needed from
Cnmid during each period can be expressed by

E = (Pyeax — Payg) X Pulsewidth
(2.1)

=3 Cmia(Viiamax — Vinia_min)>

where, Ppeak = 4 KW and Payg = 800 W and maximum pulse width is 0.2 ms. To ensure
that there is enough energy storage capacity with minimum capacitance value, Vmig is
designed to be flexible in a wide range. Its minimum value Vmid_min (55 V) can be the
minimum input voltage of the second stage for normal operation and the maximum
value Vmid_max (70 V) should be decided based on second-stage devices voltage rating.
Thus, Cmid needs to be larger 682 puF based on (2.1).

The storage capacitor C, value in conventional topology can also be calculated
by (1), where Ppeak = 4 KW, Payg = 0 W, maximum pulse width = 0.2 ms, Vmid_max =50 V
and Vmid min = 49.6 V' (Vdroop = 0.4 V). Here, Cz needs to be larger than 32 mF. The
hardware figure of C capacitor can be found in [34], which occupies an extremely large
space of the converter.

To eliminate the adverse effects of flexible Vmig, an input (Vmia) feed forward
compensator has been designed in the 2nd stage to improve its line regulation. Details

are discussed in section 2.5.

2.4. lsolated converter design

A PSFB topology has been chosen as the isolated converter topology. Compared

with LLC resonant converter, PSFB has lower complexity on current control and its
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fixed switching frequency benefit is more friendly for multiple power converters’
synchronization at a system level. For example, if PA loads are applied in a radar array,
their corresponding power converters will also form a power supply array. The minor
difference between LLC converters switching frequencies will cause LF noise issues at
common ground.

The first stage isolated converter schematic is shown in Figure 2-5. L, is the
transformer leakage inductance which is used for achieving ZVS and Cy is adopted to
block DC current to avoid the transformer saturation. The diodes D1 and D clamp the
current ringing caused due to resonance between leakage inductance and parasitic
capacitances (Coss) of QE and QF. The operating waveforms are shown in Figure 2-6.
Gate signals of QA and QB are complementary with dead time, so are gate signals of
QC and QD. By phase shifting between two legs, a bipolar square wave (Vpri) With an
adjustable duty cycle can be applied to the transformer. After synchronous rectification
of QE and QF, unipolar square waveform (Vsec) is applied to output LC (Lmig and Cmia)

to regulate the mid-point voltage Vmid.

lin, Vsec : ﬁ.dﬁ Vmid
mi
oAl
Vin L
O
Chmid

Figure 2-5 Proposed isolated converter schematic.
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Figure 2-6 Isolated converter main operating waveforms.

2.4.1. Leakage inductor L design

For better efficiency, ZVS is needed during the converter operation. The basic
principle for PSFB to achieve ZVS is using the energy stored in the leakage inductor to
discharge the Coss Of switches before switches turn on. Thus, the minimum leakage

inductance value to meet the ZVS requirement is given by [36]

1 1
ELr_min ) IlgRIm = E (CossA + CossB)Vifl_max: (2'2)
where, Ipg,,, is the primary side transformer current lpri at time ts as shown in Figure

2-6. At different load conditions (i.e., average power due to different pulse duty ratios),
Lr should be as large as possible to have sufficient energy for ZVS. However, with large
L:, it takes a longer time for the transformer to change current direction during to~t: and

t3~ts time slot which brings serious duty loss issues from primary side (Veri) to the
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secondary side (Vsec), especially at the higher switching frequency. Maximum

acceptable duty loss Dioss can be calculated by (2.3)

N - I/:),max

- —l
2 Vin,min

Dioss_max = 0.5 (2.3)

where, N is the turns ratio of the transformer. Thus, Lr has a maximum limit in [36]

N-V; -D
Lr_max — m,;nfvlc : ;oss_max. (2. 4)
o Js

Therefore, Ly can be limited in the range of (2.2) and (2.4). In this design, L,
range for achieving ZVS is calculated as 1.6 pH to 7.7 uH. The inductance value of 4.1
pMH (a 3.3 pH external inductor in addition to the 0.8 uH leakage inductance from the
transformer) has been chosen to achieve the least leakage inductor power loss. Based
on the leakage inductance, DC blocking Cy is set as 2 UF in consideration of 300 kHz

switching frequency to prevent transformer saturation.

2.4.2. Average current control design

The proposed average current control loop of the PSFB converter is shown in

Figure 2-7.
- h PWMs0
Slow PT — Limiter2 A _ U
Fast PI —| “Lux

Normal V4
detection

Limiterl

Figure 2-7 Average current control loop in isolated converter.
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Vg is the isolated converter output voltage feedback and CS is the output current
feedback. This controller includes an outer voltage loop and an inner current loop. The
voltage loop responds very slow to ignore the load changes within a pulse period and
produces an average current reference Irer for the inner current loop. The inner loop
responds fast enough to ensure that the output current follows the change of Irer.

For constant pulse duty ratio, voltage loop bandwidth can be as small as possible,
such as designed in [4], since average current will be constant and current reference
only has very minor modification.

However, in many applications, pulse duty ratios can vary widely after a few
hundred pulse periods. If the voltage loop responds too slow, it won’t bring the average
current to desired levels within the required time. Then, Vmig cannot stay in the normal
operating range, which may damage second-stage devices or cause the failure of voltage
regulation by the second stage.

Therefore, a fast/slow P1 switch block is designed in this control loop. When the
control loop responds too slow and Vmig moves out of the normal operating range, fast
P1 will be used to make Vmig go back to normal operating range as soon as possible. The
voltage loop will be indifferent to Vimia as long as it is within the normal operating range
and provides the precise average current reference to the inner current loop. If Vg is
out of operating range for any reason (such as sudden unexpected load transients), the
voltage loop will respond fast to recover Vmig back to normal operating range.

However, P11 switching frequently between fast and slow values will bring back
the LF current harmonics issue. As shown in Figure 2-8, when P11 responds too slow to
cause Vmid increases over 70 V at every period, fast Pl1 needs to be active every pulse
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period to modify isolated output current I mia. Then, 1 kHz harmonics can be observed

on the input current lin.

Vmid
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Figure 2-8 Simulation waveforms of fast/slow Pl1 switching.

Thus, a fast Pl switch is designed only for some sudden unexpected load
transients in this design. Typically, the maximum load transient is a step change from
5% pulse duty ratio (minimum average current scenario) to 20% pulse duty ratio
(maximum average current scenario). Slow PI’s response time for this step change
should be less than 2 pulse periods so that even if fast Pl is triggered at the first period,
the control loop can revert to the slow Pl in the second period. In other words, the fast
Pl avoids being active in two periods continuously, which ensures that the LF harmonics

are small.
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The voltage loop can be modeled as a first order transfer function. The
relationship between step response time t and bandwidth fsw in 1st order transfer
function is given by [37]

034

t=—
fow

The voltage loop bandwidth should be 170 Hz since t = 2 ms.

(2.5)

2.4.3. LC input filter design

The load current can be simplified as a square waveform as shown in Figure 2-9

and expressed in (2.6).

f(t) ( Tload )|

I load_on

DIoadTIoad

Figure 2-9 Load current simplified waveform.

DloadTload
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load load
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Converting the function in (2.6) to Fourier series:
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Based on (2.10), it can be concluded that maximum al appears with maximum
load pulse duty ratio Dioad (20%) and maximum load on current licad on (2*40 A). Thus,
the maximum load current harmonics value at 1 kHz is 22.4 A. At steady state, the
current harmonics can be reflected to the input side by

— Voutlout (2 11)

in
Vin

Thus, the 1 kHz current harmonics caused by the pulsed load can be calculated
as 3.99 A. The objective is to achieve 95 dBUA (56 mA) as per CE101 standard. Thus,
1/71.3 attenuation (-37.1 dB) should be attained by the average current control loop,

plus LC filter at 1 kHz. Since voltage loop bandwidth is 170 Hz and the inner current
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loop also contributes a pole at the origin, the isolated converter can provide -18.7 dB
attenuation at 1 kHz by

(170 Hz)?

Y _ _30.84dB. 2.12
8000 02 - 08 (212)

Aiso@1 knz = 2010

Therefore, the attenuation needed by LC input filter is -37.1dB - (-30.8dB) = -
6.3 dB. Since LC filter is a second order filter, its attenuation at 1 kHz can be expressed

as

2
(forc)
Arce1kuz = 20 log(lOOOS—CHZ)Z = —6.3 dB. (2.13)

Based on (2.13), LC filter’s cutoff frequency can be calculated as f,,. =

695 Hz. If the average current control is not adopted in the isolated converter, all -
37.1dB attenuation should be provided by LC filter alone. Then, such a small cutoff

frequency has to be achieved via much larger inductors and capacitors.

2.5. Fast converter design

A buck converter has been designed as the second stage ‘fast converter’ to
achieve high bandwidth for pulsed load transient. The schematic is shown in Figure

2-10, where R and Rc are the parasitic resistors of Loyt and Cout respectively.

Q 1 RL Lout V out

¥t
D_‘ Lioad
Viia O s _IE Q, Coui: CV)ﬂ_

Figure 2-10 Second stage fast converter schematic.
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In ideal condition, control loop’s bandwidth can reach high values by properly
tuning the loop compensator. However, the bandwidth of the buck converter is generally
limited by the switching frequency. To avoid the adverse effects from converter noise,
control loop cutoff frequency is typically designed to be less than 1/5th of switching
frequency. Thus, to achieve a higher bandwidth, switching frequency has to be higher.
However, high switching frequency also causes high switching losses, since
Piossgyiccning < VinCossfsw-

First stage isolated converter helps to step down the input voltage to a lower
intermediate level and GaN devices provide a much smaller Coss than Si devices. Thus,
for a limited switching loss budget, fast converter can switch at a high frequency to
achieve sufficient bandwidth. In this paper, the switching frequency is set as 1 MHz.
Buck converters operating at MHz frequencies have been widely applied in point of
load and envelope tracking applications [38]-[40], which are relatively low voltage and
low power applications. However, for a 50 V output, 2 kW peak, pulsed power
application, switching frequency of 1 MHz is much higher than what have been used by
conventional approaches.

A practical digital control issue has been addressed in [41], when operating at
such high switching frequencies. Fast switching operation requires high-speed
controllers, which is increasingly becoming difficult to be achieved using the digital
microcontrollers due to the hardware limitations such as signal latency and sampling
rates. The numerical type of all digital signal processor (DSP) values used in this fast

converter’s control code are set as ‘integer’ to reduce DSP calculation time (<1 us).
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Hence, the DSP is able to sample and update PWM signals every cycle and reduce the
digital control delay.

With the proposed approach, a single voltage control loop is able to meet the
undershoot/overshoot requirement during pulsed load transients. However, it has a line
regulation issue because of wide varying range of Vmid.

Based on Figure 2-10, fast converter transfer function can be represented as [42]

AV
Goa(s) = — -
= RipaaVmia(1 + SRcCout)/[Sz((Rload + Rc)LoutCout) (2.14)

+S(Lout + (Rload + RC)RLcout + Rchoadcout)
+Rload + RL]-

It can be noticed that Vmig directly affects the loop gain, which causes the poor
line regulation of the fast converter.

To improve the line regulation performance, the impact of Vmia should be
compensated by the control loop. Thus, an input feed forward compensator is designed
in this controller, as shown in Figure 2-11. Since division calculation is extremely time
consuming in DSP, an integer type second order F(x) and a 11-bit right shift operation
are used to imitate the division of 1/Vmig with minimal computing resources. This 2nd

order approximation (F(Vmia)/2048) is compared with 1/Vmiq in Figure 2-12.

VEB out (5= & ?|C 11-bit right shift PWM
— ZOH | -PID ght shi + FC
?—‘ Limiter (equal to 1/2048) gnnnn

F(x)=43x"+7799x+6854

Figure 2-11 Fast converter control loop.
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Figure 2-12 1/Vmid and 2nd order approximation comparison.

2.6. Simulation and test result

To verify the effectiveness of the proposed GaN devices-based two-stage
topology and control methods, full scale prototype of an 800 W (average) / 4 kW (peak)
power converter has been built and tested. The whole test setup includes a single isolated
converter supplying power to two fast converters with two power amplifiers (PA) as
pulsed loads.

First stage isolated converter is shown in Figure 2-13. It steps down high voltage
DC to an intermediate level, Vimiga. All the switches are using Tagore Tech 650 V, 7.5 A
GaN devices (TP44200NM). Based on the benefits of GaN devices and average current
control, the temperature of isolated converter at full load is kept below 45 °C with fan
cooling system. Its operating waveform is shown in Figure 2-14. Isolated converter only
transfers average current to second stage with varying midpoint voltage Vmid. The input
current harmonics is analyzed in Figure 2-15. Current harmonics at pulse frequency has
largest amplitude and still meets the CE101 requirement, which proves the effectiveness

of average current control with smaller input filter.
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Figure 2-13 Hardware of first stage isolated converter.
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Figure 2-14. Isolated converter experimental operating waveform.
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Figure 2-15 Input current FFT under full load condition.

The input filter cutoff frequency should be set as 695 Hz as calculated in section
IV. In consideration of = 30% component variation and value degrading at high
temperatures, an LC filter with 424 Hz cutoff frequency using 470 pH inductor and
3x100 pF capacitors are designed for redundant design purposes. As discussed in

section 1V, if average current control is not adopted, input filter will be almost 6 times
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larger than the one shown in Figure 2-13 (a). Therefore, the average current control
dramatically increases power density. Average efficiency of the isolated converter under
pulsed loads is shown in Figure 2-16. The efficiency is well over 90% for the entire
specification of duty ratios.

Isolated convert efficiency

100
g 98
? %0 /"—/“. Vin:
é 04 ——325
SRRy 375
400
90
0% 5% 10% 15% 20% 25%

Pulse duty ratio
(20% 1is the full load - 800W average power)

Figure 2-16 Isolated converter efficiency with different input voltage.

Second stage fast converter is shown in Figure 2-17. It regulates the varying Vmid
to a constant output voltage Vout. TWo output inductors Lout (2.2 uH each) are connected
in parallel to handle 40 A peak current rating for a single PA load. Cout Of each fast
converter includes 8 x 68 uF. Fast converter is mounted close to the PA to minimize
the voltage drop and it shares the water cooling system with the PA. Fast converter’s
hottest point at full load (2 kW) is 41°C, which shows the feasibility of such a high
switching frequency (1 MHz). Its load transient waveform is shown in Figure 2-18 with
640 mV undershoot, 340 mV overshoot and almost zero droop voltage. All meet the
requirement in Table 2.1, which proves the effectiveness of single voltage control in

high switching frequency.
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Figure 2-17 Hardware of second stage fast converter.

Fast converter’s line regulation with/without input (Vmid) feed forward
compensator is compared in Figure 2-19. Simulation and experimental result both prove
that input (Vmid) feed forward can fix the line regulation issue caused by flexible Vmid
and the 2nd order approximation is an effective method to imitate division operation in
the DSP controller. In this protype, the Cmig consists of 4 x 82 pF from isolated converter
plus 3 x 68 YF on each fast converter board. Cnig has a total value of 736 uF, which
matches with the calculation in section Il that Cmig should be at least 682 uF.

Fast converter efficiency is summarized in Figure 2-20. It can be seen that the
maximum values of the average efficiency in pulse load conditions hover above 97%.

Based on Figure 2-13 (a) and Figure 2-17 (a), the proposed two-stage converter’s
total board area can be calculated as 28.6 in. The total height of the board is 0.83 inches.
Therefore, the two-stage converter’s power density (without heat sink) can be estimated

at a high value of 168.5 W/in®. The total converter volume with a fairly conservative
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heat sink design can be calculated as 50 in®. Therefore, the total power density with

heatsink is 80 W/in®.
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Figure 2-18 Fast converter experimental waveforms of transient response with pulsed load.
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Figure 2-19 Simulation and experimental waveforms of line regulation comparison with/without
input (Vmid) feed forward.
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Figure 2-20 Fast converter efficiency with different pulse on current and different pulse duty ratio.

The performance of the proposed topology is summarized and compared with
some of the prominent existing methods (shown in Table 2.2). The parameters in the
existing literature are extrapolated to the practical specifications (375 V input, 50 V
output and 80 A peak pulse current with 20% duty ratio and PRF = 1 kHz) given in
Table 1. From the comparison, it can be concluded that the proposed topology has been

able to match or exceed the performance of the major existing approaches.

Table 2.2 Result Comparison with Different Topologies

Conventional This paper
Reference [20] [34] [43] (Proposed)
Structure 1SO+buck ISO+bank 1SO+buck I1SO+buck
capacitor
. . Equivalent Low Current pre- Average current
SO control Fix ratio PAPR regulated control
'”p]‘jt:;'ter 70.8 Hz 143 Hz 178 Hz 424 Hz
0_|
. 470 pH+ 470 pH+ 470 pH+ 470 pH+
Input filter LC 10.8 mF 2.6 mF 1.7 mF 300 pF
1SO power 4000 W 1000 W 800 W 800 W
rating
Voltage mode +
Buck control Voltage mode N/A Current mode input feed
forward
Vdroop 400 mV 400 mV 348 mV ~0mVv
Chmid + Cout 4.1 mF 32 mF 11 mF 1.8 mF
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2.7. Summary

This paper proposed a GaN-based two-stage power converter with novel control
methods for low frequency pulsed load applications. With average current control, first
stage isolated converter transfers consistent average current to the second stage, which
helps in reducing the input filter size to < 17% of the one without average current
control. A flexible intermediate voltage is applied to reduce the volume of midpoint
energy storage capacitor. Using the proposed digital input feed forward compensator in
the second stage fast converter, poor line regulation issues caused by varying midpoint
voltage Vmig was avoided. Hence, Vmig range can be as large as possible without
affecting Varoop ON the output voltage. A 375 V input 50 V output 800 W (average) / 4
kW (peak) converter protype was built and tested. The experimental results validated
the proposed topology and the control strategy. The converter’s power densities are
168.5 W/in® and 80 W/in3, without and with the heatsink, respectively. Table 2.2
summarizes the benefits of the proposed topology over other topologies. The
effectiveness of the proposed concepts make them attractive for pulse load applications
requiring fast response and high power density, such as radar systems.

Paper publication:

Y. Yao, G. Kulothungan, H. Krishnamoorthy, H. Soni and A. Das “GaN based

two-stage converter with high power density and fast response for pulsed load

applications”, IEEE Transactions on Industrial Electronics (under review)
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CHAPTER 3. IMPROVED PPS DESIGNS FOR PULSED

POWER AMPLIFIERS |

To practically realize the first stage isolated converter discussed in chapter 2,
this chapter presents the advanced improvement designs of GaN based phase shifted full
bridge (PSFB) converter along with a new adaptive burst mode control strategy, to
achieve high efficiency over a wide power range, including light loads. The main
challenges of PSFB converters addressed in this chapter are: load-dependent zero-
voltage switching (ZVS), transformer saturation, and secondary side ringing. Since
switching losses of GaN FETs are dominant at light loads, adaptive burst mode control
can be employed to improve the efficiency at lower output power. By periodically
switching output current between 0 A and minimum ZVS current, adaptive burst mode
control can enable both smaller effective switching frequency and lower switching
losses. A correction factor ‘K’ is adopted in the adaptive burst mode control’s current
loop PI calculation so that the output current can switch fast without any overshoot that
increases switches’ current stress. To verify the effectiveness of the proposed circuit
and controller design, a 375 V input, 70 V output, 800 W PSIM simulation model as
well as an experimental prototype are developed and tested. The experimental results
demonstrate the practical benefits of the proposed adaptive burst mode control.

3.1. Drawbacks of PSFB converter and existing improvement designs

Due to the benefits of ZVS, PSFB isolated converters are widely used in many
modern industrial applications, such as renewable energy conversion [44], electric

vehicle charging [45][46], and telecommunication systems’ power supplies [47][48].
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PSFB converter has the benefits of wide gain range and fixed switching frequency over
LLC resonant converter [49], has lower switch voltage rating compared to active clamp
converter [50], and lower complexity than dual active bridge (DAB) converter [51], for
unidirectional power flow.

Using GaN devices, the PSFB converter can operate at higher frequencies,
which increases power density and response speed [52][53]. However, a higher
switching frequency also makes the PSFB converter’s inherent drawback, load-
dependent ZVS, more prominent [54]. At high switching frequencies, a smaller
transformer leakage inductance is needed to reduce the duty loss issue for maintaining
sufficient voltage gain, but this will lead to ZVS failure at light loads. When using GaN
devices at relatively higher voltages and frequencies, since switching losses are
dominant under light load operation due to the Coss capacitance [55], the total light load
efficiency becomes very poor under ZVS failure. Several techniques have been
proposed to improve the light load efficiency of PSFB converters and they can be overall
classified into two types: (i) extending the PSFB converter’s ZVS range and (ii)
reducing equivalent switching frequency at light loads.

Under the first classification, many auxiliary circuits have been proposed in
[56]-[60], but they increase the current stress of the device and cause extra auxiliary
circuit loss. Meanwhile, several topology variants are proposed to overcome PSFB’s
load-dependent ZVS issue, such as triple converter with shared leading legs [61],
converter adopting two series-connected transformers[62][63], and the combination of

two different PSFB converters[64][65]. These variants generally have limitations of
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application scenarios and are not widely used in consideration of system complexity and
reliability.

For the second classification, burst mode control is utilized in [66][67]. By
forcing the converter to switch in a few large duty cycles by default and then skip some
switching cycles, the burst mode control can effectively reduce the overall equivalent
switching frequency, thereby reducing the switching losses at light loads. However, this
burst mode can only be applied to very light load conditions, since the output current is
not actively controlled and continuous large duty cycles may produce high peak
currents, damaging the devices.

This chapter proposes an adaptive burst mode control strategy that combines the
benefits of the above-mentioned approaches. The proposed strategy forces the converter
to periodically switch output current between 0 A and the minimum ZVS current, but at
the same time, the average output current still matches with the load requirement. The
equivalent switching frequency decreases due to the presence of converter disabled time
slots (0 A current) and the converter maintains the minimum ZVS output current in most
switching cycles. It is noteworthy that not all switching cycles can achieve ZVS due to
the rising time needed by the output current. To reduce the output current rising time as
much as possible, an adaptive current loop PI calculation is also adopted in this paper.
It can also ensure that no current overshoot occurs during the output current transients
(0 A to minimum ZVS), which helps to protect the devices from damage due to over-
currents.

The main advantages of the proposed concepts can be summarized as follows:
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e The proposed adaptive burst mode control strategy can extend PSFB converter’s
ZVS range and reduce the effective switching frequency concurrently at light load;
thereby increasing the light load efficiency drastically.

e The new proposed correction factor ‘k’ can help adaptive burst mode controller to
switch output current between 0 A and minimum ZVS current, quickly and
smoothly.

e The developed methods can be extended to other types of DC-DC converters with
current control as well, such as buck, boost, etc.

This chapter is organized as follows. In section 3.2, the circuits and operating
principle of PSFB will be firstly described and the related reason for light load ZVS
failure will be explained. Then, other practical concerns (such as transformer saturation
and secondary side ringing) aggravated by GaN-based high switching frequency and
their corresponding solutions are discussed. In section 3.3, the proposed adaptive burst
mode control and the internal current loop PI calculation are designed. Section 3.4
provides the experiment results to confirm the mathematical analysis and verify the
effectiveness of the proposed adaptive burst mode control. Section 3.5 will be the
summary.

3.2.  First stage isolated converter circuits improvement designs

The schematic of the PSFB converter is shown in Figure 3-1. Lk is the leakage
inductance of the transformer, designed to achieve an extended ZVS range; this can be
a separate inductor as well if the transformer leakage inductance is not sufficient. Cy is
the blocking capacitor to prevent DC current saturating the transformer. It is noteworthy

that GaN device does not have the parasitic reverse body diode, but itself can operate
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similar to a diode when the reverse voltage is applied [68]. This property is indicated as
‘equivalent’ reverse diodes in Figure 3-1. Coss represent FET output capacitance.

The operating principle of PSFB can be explained with the main waveforms
shown in Figure 3-2. Q1 and Q2 in the leading leg turn on alternately with fixed 50%
pulse width. The lagging leg operates the same as the leading leg, but a specific phase
shift is applied between the two legs. By adjusting the phase shift value, the duty cycle
of bipolar square wave Vpri can be modified. After the synchronous rectification of
secondary side devices Qs and Qs, Vsec with a specific duty cycle can be applied to

achieve the appropriate output voltage regulation.

lin

Vsec lout Vout
e vy o
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Figure 3-1 Phase shifted full bridge (PSFB) converter schematic.
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Figure 3-2 PSFB converter’s main operational waveforms.
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3.2.1. Leakage inductance (L) design

Once a certain device turns off, the current stored in the inductor Lk needs to
fully discharge two Coss in the same leg within the deadtime, so that the other device can
turn on with ZVS. For leading and lagging legs, the leakage inductor currents at
switching time can be represented as ip 2 and ip 3, respectively. As shown in Figure 3-2,
the leading leg utilizes a smaller current to achieve ZVS (ip 13 < ip ). Therefore, Lk

should meet the requirement as in

1 1
ELRLIZJB = E (Cossl + Cossz)Vizl- (3-1)

After simplification,

1 » Cosst ¥ CossalVin NP (Cosst + CossalVin (32)

i123t3 Lout

where, Vin is the input voltage, iout is the output current and N is the transformer turns
ratio. In the consideration of a wide load range, Lk should be as large as possible to meet
the requirement of (3.2) for ZVS. However, large Lk will bring an obvious duty loss
issue to the secondary side since it will take a longer time for Lk to change the current
to the opposite direction as shown in to~t; and ts~t4 time slots of Figure 3-2. The duty

loss can be defined approximately as in [50]

D ~ HoutLifs
loss ~ NVin

, (3.3)
where, fs is the converter switching frequency.

To obtain sufficient converter voltage gain, the maximum acceptable duty loss

Dioss can be defined as in
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Dioss max = Detrt max — %, (3.4)
where, Detri_max IS the maximum duty cycle that can be achieved by a practical controller,
which is related to the controller’s processing speed. In this paper, Detri_max IS Set as 0.9
to be compatible with various performance processors. Then, by combining (3.3) and

(3.4), (3.5) and (3.6) can be deduced as

_ N - Vour > 4‘Iouthfs

0.9 > , (3.5)
Vin N -Vin
and after simplification,
N -Viy ( N - Vout)
Ly < 109 ———). 3.6
: 410utf:9 Vin ( )

Therefore, the L range can be identified by (3.2) and (3.6). Since GaN based
PSFB converters are switching at high frequencies, the Lk range is becoming
increasingly smaller, limited by (3.2) and (3.6). Even if there are multiple Lk values
possible, there will still be a trade-off on choosing relatively larger or smaller Ly, in
which a smaller Lk value leads to a narrower ZVS load range and a larger L value results
in more inductor AC core losses. In this paper, a relatively smaller L value is preferred,
and an adaptive burst mode control is employed to increase the efficiency for the overall

load range.

3.2.2. Blocking capacitor (Cp) design

The simplified PSFB convert circuit and the corresponding AC signal model are

shown in Figure 3-3.
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Figure 3-3 Simplified PSFB converter circuit with AC signal model.

If switches are ideally the same, the bipolar square wave Vpri will be
symmetrical and there won’t be any DC component. However, in practice, the on/off
time of every switch can be different due to the mismatch of the gate driver, gate
resistance, and switch input capacitance. Thus, the waveform may be asymmetrical as
shown in Figure 3-3 (a), with a minor DC component that can saturate the transformer
over time. This saturation issue is more serious in GaN-based PSFB converter due to its
higher switching frequency. Therefore, a blocking capacitor Cy is added in series with
the transformer to form a high pass filter that can block the DC components.

Based on Figure 3-3 (b), the transfer function from Vpr to the transformer can
be represented as

SLyl||Zsgc
H(s) =7 ' 3.7)
- + SLk + SLM”ZSEC
S'Cb

where, Zsec is the secondary side impedance and can be defined as
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NZ

SCout ) Nleoad
ZSEC = SNZLout + NZ (38)
2
SCout + N Rload
Then, it can be approximately simplified as
NZ
Zsgc = SNZLout + . (3.9)

SCout
After substituting (3.9) in to (3.7) and simplifying (3.7) by ignoring a ‘large’ Lwm,

the transfer function can be approximated as

2
SNZLout + %
H(S) _ out e
- 2 -
5C, +sL, +sN%L,y: + 5Cons
= S2N? Loyt CyCour + N2Cy (3.10)
NZCb + Cout + SZ(Lk + NzLout)CbCout
B N2C, 1+ 5%LoyeCour
B NZCb + Cout 1+ SZ(Lk + NZLout)CbCout.
N2Cp + Coyt

Based on (3.10), the high pass filter can be represented as

_ NZCb
H(0) = N2Cp+Cout
1
fzero = im . (3.11)

_ 1t N2Cp+Cout
prle - i 27"5\/(Lk+N2Lout)CbCout
Thus, to achieve enough attenuation for the DC component, Cy should be as

small as possible. However, small Cyp will simplify fpole as

1 1
— 4 _ 3.12
frore = £ 2 \/ (L + N2L,ye)Cy (3.12)

Based on (3.12), it can be concluded that too small a value for Cp will increase

pole frequency. When this value gets close to the switching frequency, it will distort the
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normal Vpri signal. Therefore, Cp should be designed such that pole frequency is 1/5th
of switching frequency to avoid Vpri distortion.

The AC sweep results with different Cy, values shown in Figure 3-4 verifies the
effectiveness of (3.11) and (3.12) as frequency of the ‘zero’ remains the same with
different Cp values. Smaller values of Cy lead to lower DC attenuation but lead to higher

pole frequencies.
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Figure 3-4 AC sweep results with different Cy (red- Co=400nF, Blue-Cp=2 pF, Green-Cp=10 pF and
Pink-Cp=0 puF).

3.2.3. Clamping circuit design for reduced ringing
In PSFB converters, it is common to observe high frequency ringing and peak
overshoot across the FET devices. However, the ringing issue becomes worse in GaN
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FET-based PSFB converters due to the devices’ small Coss and fast di/dt. As shown in
Figure 3-5, when Qs turns off, the sudden voltage step change across the drain-source
of Qs (Vds_os) causes the leakage inductance ‘Lk/N2’to resonate with Cosss, Which causes
ringing/overshoots at the drain of Qs (V4 gs). This will also appear on V4 gs when Qs

turns off. The ringing frequency and overvoltage peak are given by [51]

1

fringing = =
. Ly.Coss (3.13)
N2
L, di
and Vov = m ' E (314)

It can be noticed that compared with Si devices, GaN devices’ smaller Coss and

faster di/dt cause more frequent over-voltage peaks, that too with higher magnitudes.

Figure 3-5 The ringing equivalent circuit referred to the secondary side.

To reduce the ringing issue, three clamping circuits are summarized in Figure

3-6, and their performances based on a 375 V input, 70 V output GaN-based PSFB
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converter are compared in Figure 3-7. Operating waveforms without clamping circuits
are also included in Figure 3-7 (a) as a reference.

The ringing starts at the drain voltages of Qs and Qe and can be reflected to the
primary side by the transformer. Thus, introducing D1 and D2 shown in Figure 3-6 (a)
to clamp the voltage Vr, can reduce the ringing issue. However, based on the waveforms
shown in Figure 3-7 (b), it can be noticed that since diodes D1 and D> can only clamp
the voltage after external leakage inductor Lie, the transformer’s integrated leakage
inductance L still causes minor ringing. Since all the ringing energy is transferred back
to the input source, the main power loss is due to the conduction loss of D1 and Da.

To further reduce the ringing, RCD clamping can be applied as shown in Figure
3-6 (b). On the secondary side, the maximum voltage of Vsec is clamped to Vci by Da.
C: is adopted to absorb ringing energy and R is adopted to discharge Ci so that Vc1 can
be consistent in every cycle. The relationship between C1, R1 and clamping voltage Vc1

can be determined by [69]

_ TS(VC1 B Vout)(V61 - Vd)
! CVe Vg — Vi)

(3.15)

where, Ts is the switching period and Vg is the ideal (without ringing) maximum voltage
of the clamping point. In the Figure 3-6 (b) condition, the maximum Vsec voltage is
Vin/N.

The power loss on the discharging resistor Ry can be approximately represented

as

Ver — Vour)?
peu = Ve~ V) 016)
1
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where, Vc1 is typically set as 10% higher than Vg for practical applications. Then,
combined with (3.15), (3.16) can be transformed to get

(1-1Vd - Vout)2

Ppy =
R Ts(1AVg = Vo) 11V, = V)
C, 1.1V, - 2V, — 1.1V,) (3.17)
_9.9C,Va(1.1Vy = Voue)
_ o _

From the comparison of Figure 3-7 (b) and Figure 3-7 (c), it can be concluded
that RCD clamping dramatically reduces the ringing at Vsec and the performance is
better than just employing diode clamping, but at a cost of slightly lower efficiency due
to the power loss explained by (3.17). Figure 3-6 (c) shows a dual RCD clamping circuit
that can directly clamp V4 gs and Vg _gs for the best performance, which is shown in
Figure 3-7 (d). Its discharging resistor power loss can still be calculated by (3.17). The
only difference is that V4 becomes the ideal maximum voltage of Vg4 gsand Vq_ge, which
is twice as large as Vsec due to the secondary side center-tap winding. Therefore, it has

more power loss on the discharging resistor as shown in Figure 3-7 (d).

Vout

Lout

Qe ||

(a) PSFB converter with diode clamping
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(c) PSFB converter with diode clamping + dual RCD clamping

Figure 3-6 Clamping circuits for reducing the ringing issue.
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Figure 3-7 Secondary side main operating waveforms under different clamping circuits and related
main power loss.

3.3.  First stage isolated converter controller improvement designs

With load decreasing from full load to no load, the GaN FET switching loss
becomes increasingly dominant in the total power loss. However, based on the analysis
on section 3.2.1, Lk can only achieve ZVS up to certain loads, such as 50%, which causes
increasingly poor efficiency at lower power. The principle of traditional burst mode is
forcing a larger than desired duty cycle at the first N switching cycle and skipping the
next M-N (M>N) cycles so that the average output current over M cycles still matches
with the load. Therefore, switching loss can reduce to N/M. But it can only be applied
at no load or very light load (typically 0% to 20% load [67]), otherwise, its uncontrolled
default duty ratio will cause over-currents that can damage the devices. An adaptive
burst mode control is designed in this section to overcome this issue, so that burst mode

can be enabled for a wider load range.
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3.3.1. Control loop design

The proposed adaptive burst mode control diagram and its detailed flowchart are
shown in Figure 3-8 and Figure 3-9, respectively. Vout rs8 and loy rs are the feedback
from output voltage and current, respectively. Burst_count in Figure 3-9 is a counter to

indicate which number of the cycle is the current cycle in the single burst mode period.

Vout_}'B

|

|

Burst mode 1
Detection Enable !
|

|

|

Figure 3-8 Adaptive burst mode control loop.

At the beginning of each cycle, based on the error between Vout s and voltage
reference, Vrer, the outer voltage loop produces a current reference, IREFO that
indicates the real required output current. Then, N (the number of PWM enable cycles
in a single burst mode period), is calculated by

N - Iggr1r = M " Iggro, (3.18)
where, M is the total number of the cycles in a single burst mode period and Irer1 is the
minimum current reference that can achieve ZVS.

If Irero is larger than Irer1, N will be larger than M. Then Burst_count will
always be smaller than N since Burst_count is smaller than M. Therefore, the controller
will operate in continuous mode and the inner current loop will modify the PWM signal

to control the output current to follow the current reference, Irero. If Irero is less than
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Irer1, N will be less than M. Then, for the first N cycles, burst mode will be active and
will force the inner current loop to control the output current as Irer: indicates. During
the rest of the ‘M-N’ cycles, the current loop PI calculation will be skipped, PWM will

be disabled, and the converter will stop switching.

Vout_FB VREF

v v

;( Voltage PI calculation )

Irero |,
(Divide Reference by a factor: N=M-IREF0/IREF1)

No

Burst_count<N?

A 4
( Enable PWM ) (' Disable PWM )

Yes No

y
[ Burst mode : ] [Continous modej

set Irer=1REF1 set Irer=IREF0

Iout_FB IREF

C Current PI calculation )

v

C PWM generation )

) 4

Yes No

Burst_count<M?

s y
(Burst_count++; ) (Burst_count=0;)

| |

Figure 3-9 Controller flowchart of adaptive burst mode control loop.
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Since Irero is updated by voltage Pl every cycle, the burst mode controller can
adaptively calculate the N value such that the average output current of the whole burst
mode period (M cycles) can match with the real load current.

Since the converter switches for only N cycles in every M cycles, the switching
loss is reduced. Besides, these N cycles are under current control with the reference

Irer1, SO that ZVS can be achieved, and the overcurrent issue can be avoided.

3.3.2. Adaptive current loop PI calculation design

In adaptive burst mode control, the current loop’s PI calculation is directly
responsible for the control of output current. Since the current reference always has a
step change at the beginning of every burst mode period, an adaptive current loop Pl
calculation is proposed to optimize the step response of the corresponding PI
calculation.

The conventional current loop’s PI calculation and output current waveform are
shown in Fig. 10 (a). The current reference Irer can be defined as in

_ IREFII O<tSN'TS
IREF_{O. NT,<t<M-Ts’ (3.19)

where, Irer1 is the minimum current reference to ensure ZVS and Ts is the converter
switching period. It needs to be mentioned that output current frequency is double the
converter switching frequency in the PSFB converters.

When the converter starts working in the burst mode, current reference Irer will
have a step change at the beginning of the burst mode period, to. Then, the conventional
current P1 controller needs the to~t1 time slot to increase output current to the minimum

ZVS current that Irer1 indicates, which results in hard switching at to~t1. After ty, the Pl
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value is reset to 0 and the same calculation repeats from t3 to ts. This method loses a lot
of ZVS benefits as shown in to~t1 and ts~ts time slots and increases the N value due to
the long start-up time of conventional Pl calculation. The conventional current loop Pl

calculation can be represented as in

PL,(t) = kp -error(t) + k; - fterror(t) - dt, (3.20)
to
and error(t) = Igpp(t) — loyep, (B). (3.21)

Based on (3.20), it can be noticed that the integration calculation depends on the
accumulation of transient error, which causes a long start-up time because the
integration value is relatively small at the very beginning, around to.

To reduce the start-up time of conventional Pl calculation, the integration value
at the previous burst mode period can be added to the beginning of the next burst mode
period, which can shorten the accumulation time of the transient error. Meanwhile, since
the current PI output is stable from t1 to t2 as shown in the first burst mode period in
Figure 3-10 (a), the error between Irer and output current feedback lout F8 Can be

assumed to be infinitesimally close to 0 during the stable state. Here, the current loop

Pl can be represented as in

t
PL,(t) = k; f error(t)-dt, t; <t <t,. (3.22)
to
where, the integration of error(t) is equivalent to As: (area of S1, same naming method
for Asz and Asz), shown in Figure 3-10 (a). Thus, (3.22) can be simplified to

Plz(t) == k] . ASl' tl < t S tz. (323)
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By adding the integration value at t, to the second burst mode period, the fast

current loop PI calculation as shown in Figure 3-10 (b) can be represented by

PL,(t) = kp -error(t) + k; - IASI + f error(t) - dtl. (3.24)

3

Asz in (3.24) helps current PI to output a higher value, which produces a larger
duty cycle after the PWM generator and causes the output current to increase faster than
it was in the first burst mode period. When the output current increases to Irer1 at tsa,

the current PI output is given by

tia

Pl,(t4s) = kp 0+ k; - IASl + j error(t) - dtl, (3.25)
t

3

where, ftt:“ error(t) - dt can be equivalent to the area of S2. Thus, (3.24) can be
simplified to

PL(tyq) = k; - (A1 + Agy). (3.26)

However, based on (3.23), the stable state current Pl output should be k; - Ag;.

Therefore, the current overshoot will appear from tsa. When the current recovers to Irert

at tap, the current P1 output can be given by
Plz(t4b) = kI " [ASl + ASZ + fti:b eTT'OT(t) " dt] (327)
Since error(t) is negative at the tsa~tap slot, fti‘”’ error(t) - dt is equivalent to -

As3. Thus, (3.27) can be simplified to
PL,(t4p) = ky - (Asy + Asy — Ag3). (3.28)
To avoid further under/overshoot, Plz(tan) should be equal to the stable state

current Pl output as in
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ki Asy = Ply(tap) = ky - (Asy + Agy — Ags). (3.29)

Therefore, Asz should be equal to Ass, which means that the amplitude of
overshoot depends on the area of S2. GaN device will get damaged if the current
overshoot is too large. Thus, Asz should be as small as possible. The minimum As can

be approximated as in

1
Agp = 5 Irer1 * (taa — t3)min- (3.30)

where, tsa-t3 is calculated by

IREFI
fa =13 = D Vin _ (1 _ D) Vout
N - Loy Loyt
_ Irgr1
N Vin + NV, Vout
D in out) _ Yout
( N - Loys ) Loys

Since input voltage Vin, transformer turns ratio N, output inductor Loy, and
output voltage Vout are fixed by converter specifications, only increasing duty cycle D
can reduce As.

In consideration of duty loss from the primary side to the secondary side and
practical application in digital control, maximum duty cycle (less than 0.9, which is
based on the discussion in section 3.2.1) may not sufficiently reduce tsa-t3 for some
certain converter specifications.

Therefore, the fast Pl calculation cannot be generally applied to different

specifications, without making certain further improvements.
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(a) Conventional current loop Pl calculation (slow output current increasing)
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(c) Adaptive current loop PI calculation (fast output current increasing and no inherent current

overshoot)

Figure 3-10 Ideal output current waveforms of different current loop PI calculations.

The root cause of failure of fast Pl calculation is that it adds total As, to the next

period’s integration calculation, which makes overshoot area ‘S3’ inevitable. A

correction factor k is adopted in the adaptive current loop Pl calculation as shown in

Fig. 10 (c). k is multiplied to Asz before it is added to the integration calculation in the

second period. Then, (26) in fast PI calculation can be change to

Ply(ty) = k; - (k- Ay + Asz).
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To avoid any overshoot, Pl2(ts) should be equal to stable state current PI’s output
value, which is given by
ki Asy = Pl(ts) = k;» (k- Asy + As2). (3.33)
Since there is 0 error at the stable state, (3.34) will be true as
k- As1 = Irgri- (3.34)

Then, by combining (3.30), (3.31), (3.33), and (3.34), k can be identified as in

k=1—1- IREFl'kI
2 (Vin +N- Vout) ~ Vour (3.35)
N - Lout Lout

Figure 3-11 shows the output current results of different current loop PI
calculations. Where k=0 is equivalent to conventional Pl calculation and k=1 is
equivalent to fast PI calculation. The k=0.86 in the adaptive current loop Pl calculation

is deduced from (3.35).

ILout) k=0  I{Lout) k=0.86

15

10 MinimumZ S current

5 | '-l‘il ’FWW ﬂl"” W 'lI]”“ |III|'| w

7.06m 7.08m 7.im 7.12m 7.14m 7.16m 7.18m 72n
4—M cycles—»1  Time(s)

Figure 3-11 Results comparison of different current loop Pl calculations. (k=0: conventional PI
calculation; k=1: fast PI calculation; k=0.86: adaptive current loop PI calculation)

It can be further noticed that conventional PI calculation responds too slowly to

the current reference step change. When M is small enough, output current cannot even
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rise to the minimum ZVS current in a single burst mode control period. (M is chosen
based on the condition that fs/M is >20 kHz to avoid audile noise).

Regardless of the type of current loop PI calculation, the proposed burst mode
control can adaptively calculate the N value to meet the average output current
requirement in (3.18), which further proves its effectiveness.

3.4. Simulation and test results

A PSFB converter prototype has been developed to verify the proposed design
methods and adaptive burst mode control. The pictures of the hardware and full load
thermal image are shown in Figure 3-12. The specifications of the converter and system

parameters are given in Table 3.1.

4:1 Planar
Tranformer

Input filter for Leakage inductor | Otpt inductor

power source —— .
protection Clamping diodes and capacitor

(a) Experimental prototype top view
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Blocking capacitor Controller and feedback circuits

4

Tagore’s 180 mOhm 650V GaN
device with integrated driver

Bias circuits Sec

(b) Experimental prototype bottom view

(c) Full load operating thermal image (160 CFM air cooled)

Figure 3-12 Top and bottom views of experimental prototype, and thermal image at full load
(maximum observed temperature is 39 °C).
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Table 3.1 Experimental Protype — Specifications and Parameters

Parameters Values
Input voltage, Vin 375V
Output voltage, Vou 70V
Output current, lout 0~12A
Switching frequency, fs 300 kHz
Blocking capacitor, Cy 2 uF
External Leakage inductor, Le 3.3uH
Output inductor, Loyt 10 pH
Output capacitor, Cout 4*68 UF
Turns ratio of the transformer, N:1 4:1
Magnetic inductor of the transformer, Lu 245 pH
Internal leakage inductor of the transformer, Ly 0.8 uH
Total number of switching cycles in single burst mode period, M 15
Minimum current reference to achieve ZVS, Irer1 75A
Correction factor of adaptive current loop PI calculation, k 0.86

It is noteworthy that based on Table 3.1, the minimum current reference Irer1 to
achieve ZVS is supposed to be calculated as 5.76 A. However, considering the effect of
the operating temperature on the leakage inductance and GaN devices’ output capacitor
(Coss), @ 30% margin is adopted to Irer1. Therefore, the final Irer1 in Table 3.1 is listed
as 7.5 A. In addition, M is set as 15 in this prototype controller, otherwise, a larger M
value will produce audible switching noise (300 kHz/15=20 kHz).

Tagore Technology’s 180 mQ, 650 V, GaN FETs (TP44200NM) are adopted as

both primary side and secondary side switches in this prototype. Integrated driver
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reduces the noise on the gate driver and results in smoother turning on/off. The
secondary side switching waveform is shown in Figure 3-13, which proves that diode
clamping effectively clamps the Vsec voltage and matches with the simulation result in
Figure 3-7 (b). The full load operating thermal image shown in Figure 3-12 can visually
prove that the diode clamping doesn’t lead to significant power loss since the hottest

point is only 39 °C under fan cooling.

Secondary side switching waveform

Maximum over
voltage = 28.9V
A e

AA Ay = = 2 = e o o

Vin/N=93.75V

Secondary side clamping point voltage, Vg [V]

[—— e My

Time(s;
Figure 3-13 Secondary side clamping point, Vsec waveform.

The steady state operating waveforms with the adaptive burst mode control
strategy for different load conditions are shown in Figure 3-14. Since the output current
cannot be directly probed, the output current loy (before output capacitor as shown in
Figure 3-1) feedback signal lout s is used to linearly reflect the change in output current.
The primary side leading leg’s switch node waveform is also included in Figure 3-14 to
indicate the number of switching cycles.

At very light load condition, the waveforms in Figure 3-14 (a) shows that the
adaptive burst mode control operates similar to the conventional burst mode control,
since the N value (humber of PWM enabled switching cycles in a single burst mode

69



period) is too small for the controller to increase the output current to the minimum ZVS
current Irer1.

At light load condition, the waveforms in Figure 3-14 (b) show that the adaptive
burst mode control can control the output current as Irer1 indicates. Most switching
cycles can achieve ZVS to reduce switching loss which is the dominant power loss at
light loads. No current overshoot appears when the output current increases, which
protects the GaN devices from damages due to over-currents.

In the ideal case assumption that output current’s rising time is infinitesimally
small, N is supposed to be 7 to meet this 3.5 A load requirement as 7x7.5 A = 15x3.5
A. However, in a practical application, the output’s rising time cannot be ignored.
Therefore, N is shown as 9 in Figure 3-14 (b), which proves that the N value is

adaptively calculated by the proposed burst mode controller.
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(a) Burst mode operation with 300 mA load current (single burst mode period consists of M
switching cycles and N cycles are enabled)
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{CH1: Output current feedback, 1, v
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(b) Burst mode operation with 3.5 A load current (single burst mode period consists of M switching
cycles and N cycles are enabled)
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ICH3: Switch node

|
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(c) Continuous mode operation with 8 A load current
Figure 3-14 Prototype converter’s steady state operating waveforms by adaptive burst mode
control with different load conditions. (7.5 A is set as minimum ZVS current reference
Irer1 to help burst mode operating to achieve ZVS)

At the heavy load condition (over 7.5 A in this prototype), the converter can

achieve ZVS naturally. Adaptive burst mode control calculates that N>M. Since the
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control forces the converter to switch N cycles for every M cycles, N>M can make it
operate in continuous mode. The continuous mode operating waveforms are shown in

Figure 3-14 (c).

0 1 1 1 1
2.5 3 3.5 4 4.5 5

Time (ms)

Figure 3-15 Prototype converter load transients (3.5 A to 11 A to 5 A) operating waveforms with
adaptive burst mode control. (N waveform is the real time value calculated in the
microcontroller, N = 15 means prototype operates in continuous mode)

The prototype converter’s load transient waveforms under adaptive burst mode
control are shown in Figure 3-15. It may be noted that the waveforms shown in Figure
3-13, Figure 3-15 and Figure 3-16 have been plotted using MATLAB based on
experimental data captured using oscilloscopes, to combine with other real time data
such as N value from the microcontroller to indicate the converter’s real time operation.
As shown in Fig. 15, the proposed burst mode control can adaptively change the N value
based on the different load conditions and can smoothly switch from burst mode to
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continuous mode by increase N to 15 (M’s value). In every burst mode period, output
current (reflected by lout F8) can smoothly switch between 0 A and minimum ZVS
current without any over-current. Less than 1 V output voltage under/overshoots are
achieved during the load transients.

The primary side operating waveforms under adaptive burst mode control are
shown in Fig. 16, which indicates that the blocking capacitor doesn’t distort the
transformer current and the proposed control strategy doesn’t affect the normal
operating of the PSFB converter. The output voltage waveform also proves that adaptive
burst mode control doesn’t produce large output voltage ripple. Figure 3-17 compares
the efficiency of the prototype converter with/without adaptive burst mode control under

different load conditions.
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(a) Primary side operating waveforms for continuous two burst mode periods. (I.k is the leakage
inductor current and Vpri is the voltage difference between the switching nodes of two legs)
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(b) Zoomed in waveforms of primary side operating. (I.k is the leakage inductor current and Vyri is
the voltage difference between the switching nodes of two legs)

Figure 3-16 Primary side operating waveforms during burst mode.

From the comparison in Figure 3-17, it is obvious to conclude that adaptive burst
mode can effectively increase the power efficiency when the prototype converter cannot
naturally achieve ZVS (load current less than 7.5 A in this prototype). A significant
efficiency improvement of up to 5% is possible when the load current is less than 4.5
A. Moreover, Figure 3-17 also shows that adaptive burst mode control has the benefit
of a wider efficiency-improved load range, compared to the conventional burst mode
control. Conventional burst mode is typically applied from no load to 20% load (0 A to
2.4 A in this prototype) to prevent continuous uncontrolled duty cycle, producing high

peak currents that can damage the devices.
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Figure 3-17 Prototype efficiency with and without adaptive burst mode control. (DC biasing power
loss is 9 W at no load condition)

3.5, Summary

The main issues faced by GaN-based PSFB converters, such as load-dependent
ZVS, transformer saturation, and secondary side ringing, were analyzed in detail and
solved in this paper. An adaptive burst mode control was proposed to improve the power
efficiency at light load. This adaptive burst mode control could achieve both smaller
equivalent switching frequency and smaller single switching loss (ZVS for most
switching cycles) at the light load condition, which dramatically improved the light load
efficiency. A correction factor ‘K’ was designed in the current loop PI calculation to
ensure that the adaptive burst mode smoothly switches the output current between 0 A
and minimum ZVS current. A 375 V input 70 V output 800 W prototype was built, and
the test results verify the effectiveness of the proposed approach. The efficiency
comparison also shows a big improvement from 88% to 92.5% at around 3 A load

current. The proposed approach can be very effective in applications such as laboratory
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power supplies, telecom/server power supplies, etc., which usually face a wide range of
load conditions.
Paper publication:

Y. Yao, G. S. Kulothungan and H. S. Krishnamoorthy, " Improved circuit design
and adaptive burst mode control in PSFB converters for higher efficiency over a wide

power range," IEEE Access (2" revision).
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CHAPTER 4. IMPROVED PPS DESIGNS FOR PULSED

POWER AMPLIFIERS 1l

To practically realize the second stage fast converter discussed in chapter 2, this
chapter presents the advanced improvement designs of GaN based buck converter
operating at higher device switching frequency (HDSF) that helps to reduce filter size
and increases the overall converter power density as well.

4.1.  Digital controller practical issues for over MHz buck converter

HDSF operation requires controllers with high bandwidth and minimum time
delay. This can be achieved by analog controllers which are widely used for HDSF
converters. On the other hand, digital controllers are more desirable due to their ability
to interface with digital systems, lower sensitivity to parameter variations, flexibility to
implement sophisticated control schemes, and potentially faster design process [70]. A
digital controller for GaN FET converters has been utilized in [71]. The control
technique used in [71] is an open-loop voltage control which is not preferred for
practical power converters. Moreover, the voltage control is slower than the current
control in the buck converter. Hence, a digital current control technique is a better option
for GaN-based buck converter. The existing digital current control methods are in the
order of a few hundreds of kHz [71][72]. In addition, these methods use a high number
of feedback loops, which lead to more computational time and delayed response. These
affect the converter's response speed [73]. The delay can be made insignificant if the
converter is operated at lower controller bandwidth. However, for GaN-based power

converters, lower bandwidth is not preferred in order to achieve fast response.
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The conventional two-loop control (outer voltage loop and inner current loop)
has been implemented in [74] by utilizing a hybrid control technique on a single-chip
microcontroller. It uses a built-in analog comparator of the microcontroller for cycle-
by-cycle peak current control wherein the comparator reference is obtained using digital
voltage control. The slope compensator and digital to analog converter (DAC) of the
microcontroller are used to avoid sub-harmonic oscillation [74]. However, this method
can only be applied to switching frequencies of a few hundreds of kHz due to the typical
limitations in microcontroller's DAC (slow response time of 400 ns) [75][76]. For HDSF
(>1 MHz) operation, the converter needs a DAC with much faster response. A DAC
with slow response speed results in improper slope compensation which leads to
subharmonic oscillation and causes instability.

Hence, a detailed analysis has been carried out in later sections to analyze the
effect of DAC limitation on digital peak current (DPC) control under HDSF (>1 MHz)
operation. A digital hysteretic current (DHC) control technique has been developed in
this chapter to control the MHz converter without any subharmonic oscillation when
microcontroller’s hardware limitation is taken into consideration. The contribution of
this chapter is that it provides a detailed comparative study on choosing appropriate
control technique for the buck converter for a given microcontroller and switching
frequency by considering the hardware limitation. A 70 V to 48 V 2.4 kW 1.5 MHz
GaN-based buck converter is designed and simulated to compare the performance of

DPC control and DHC control and verify the analysis.
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4.2.  Digital peak current (DPC) control and related hardware Limits

The schematic of the buck converter with DPC control is shown in Figure 4-1.
The inductor current IL and the output voltage Vout are fed to the microcontroller. The
current and voltage feedback gains are Ki and Ky respectively. The set point Ve is
compared with feedback voltage Ky*Vout to apply digital proportional and integral (PI)
controller. The controller generates digital reference for peak current control Ve out. TO
incorporate slope compensation, this reference Vp out IS Subtracted with triangle
waveform Vsiope and the resultant value will be converted to analog signal by DAC, to
generate analog reference for comparator Al. The comparator output drives the GaN

FETs Q: and Qa.
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== Q| Ki §
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[Driver | =
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|
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|
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Figure 4-1 Digital peak current control buck converter.

The operating waveforms of DPC control of the buck converter without slope
compensation are shown in Figure 4-2 (a). The blue line is the sensed inductor current

Ki*IL in steady state. In DPC control, PI controller provides a current reference Vpi_out
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to adjust the inductor current and therefore regulate the output voltage to desired level.
At the beginning of every cycle, Q1 is turned on and the inductor is charged using input
voltage Vin. Hence the current Ki*1. increases and when it reaches Vp|_out the comparator
Az output goes low. This turns off the device Q1 and turns on Q2. The inductor current
decreases when the Q1 is turned off.

From Figure 4-2 (a), it can be observed that when perturbation Al (k) is added
as green dash line shown, the current magnitude at the end of the cycle (at t = Ts) is not
same as that of the start of cycle (at t = 0). This difference in the current magnitude
increases every switching period and leads to instability. A large difference between the
current magnitudes at start of the cycle and end of the cycle increases the Q1 turn on
time (greater than the switching period) of as shown by red-dotted waveform in Figure
4-2 (a). In such scenarios the switching frequency is lower than the desired frequency.
A continuous change in the switching frequency causes the subharmonic oscillation.

In order to avoid subharmonic oscillation, a slope compensation is adopted in
the peak current control technique as shown in Figure 4-2 (b). There are two current
waveforms shown in Figure 4-2 (b); the blue waveform shows the desired current
waveform and the green (dashed) waveform shows a perturbed waveform from the
desired waveform. It could be seen that with the slope compensation the perturbed
waveform converges to desired waveform within definite number of switching cycles.
The condition on the slope value mz of Vsiope to eliminate the subharmonic oscillation is
given by

05 b mz < m3 < mz, (41)
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where my is the falling slope of the sensed inductor current Ki*I.. The raising slope my
of the inductor current and the falling slope m2 can be derived using the two switching

states of the buck converter and can be obtained as

— Ki(Vin - Vout)

T : (4.2)

my

KV,
andm, = lLout. (4.3

However, the desired slope Vsiope as shown in Figure 4-2 (b) cannot be obtained
using the microcontroller for HDSF due to performance limitations (conversion and

recovering time delays) of the DAC.
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Figure 4-2 ldeal operating waveforms of DPC control.
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Figure 4-3 Practical operating waveforms of DPC control.

A microcontroller realizable slope compensation waveform is shown in Figure
4-3 with the DPC control. The slope waveform Vpi_out-Vsiope has two regions a slope
region and recovery region. The recovery time should be completed before the start of
next switching cycle. The fastest recovery time for the microcontroller DAC is 400ns.
For the converter switching frequency of 1.25 MHz, this value corresponds to 50%.
Hence the microcontroller can only able to provide slope compensation only for duty
ratio less than 50%. If the required duty ratio above 50% and if the DAC recovery time
is too long, the sensed inductor current cannot be compensated by the slope properly as

shown in Figure 4-3. This leads to subharmonic oscillation when there is a Al (k)

perturbation in the current. The oscillation results in the reduction of the switching
frequency, increased output ripple and slow transient response. Hence, the converter
might not meet the desired specifications. In other words, when buck converter’s
switching frequency is higher than 1.25 MHz, most microcontrollers currently available
in the market cannot provide sufficient slope compensation because of the DAC

recovery time.
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4.3.  Digital hysteresis current (DHC) control and related hardware limits

The digital hysteresis current (DHC) control schematic is shown in Figure 4-4.
The feedbacks to microcontroller are similar as that of DPC control discussed in Section
4.2. The difference is that the Pl output reference signal Ve out is added and subtracted

with the hysteresis band A Vpand. Hence two references are obtained using single Vpi out

signal. By comparing these references with the sensed feedbacks, the inductor current

is limited within the hysteresis band of 2* /A Vpand.

The operating waveforms of buck converter with DHC control is shown in
Figure 4-5. It can be found that the DHC control does not require a slope compensation
compared to the peak current control as in Figure 4-2. The perturbation Ali(k) only
affects the phase of the inductor current rather than magnitude. In this control technique,
the average inductor current is controlled to Vp ot and the oscillation in the inductor
current is damped. This ensures the stability of system. The challenge in using the DHC
control technique is that it requires two analog comparators to realize hysteresis
comparison. However, this can be overcome by choosing a microcontroller with two
analog comparators. The switching frequency of DHC control can be obtained as (4.4)
using AVbpand, M1 and my,

1

S = 2RVrana , 25Vpamg (4.4)
my m;

Substitute (4.3) into (4.4), then

f _ KiVout(Vin - Vout)
W 2AVbandLVin .

(4.5)
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Figure 4-5 Operating waveforms of DHC control.
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4.4. Simulation Results

Table 4.1 Specification of designed buck converter

Parameter Value
Input voltage Vin 0V
Output voltage Vout 48 V
Output capacitor Cout 282 uF
ESR of output capacitor 6 mQ
Output inductor Loyt 1uH
ESR of output inductor 0.6 mQ
Switching frequency fsw 1.5 MHz
Load impedance Rioad 096 Q2~9.6Q
Output voltage feedback gain Ky 0.05
Inductor current feedback gain K; 0.04
PI’s proportional gain 2
PI’s integral gain 4.3
Sampling frequency 5 MHz
DAC recovering time 400 ns

A buck converter is designed and simulated to compare the performance of DPC
and DHC control techniques. The specification of the buck converter is shown in

Table 4.1. The GaN system’s GaN device (GS61008P) has been selected to
evaluate the high frequency converter performance. The power converter is simulated
using Power SimTech’s PSIM software (version 11.1.7) with SPICE model of the GaN
FET devices. Since the outer voltage loops are same in two control methods, the PI
configurations are set as same values to ensure fair comparison. Pl values are

determined based on the small signal model discussed in reference [74]. DAC
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recovering time is included in the simulation and the waveforms of two control methods

are shown in Figure 4-6.
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Figure 4-6 Full load transient response of practical DHC control and practical DPC control.
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Vout_pHc and Vout ppc are the buck converters’ output voltages under DHC control
and DPC control respectively. I._prcand I._ppcare the corresponding inductor currents.
load 1S the load current.

It can be noticed that the slope compensation is insufficient in the DPC control
since DAC recovering time is 400 ns which corresponds to 60% duty for 1.5MHz
switching frequency and results in subharmonic oscillations. Due to the oscillation, DPC
control’s output voltage ripple is larger and transient load response speed is slower
compared with the DHC control.

It could also be observed that there are larger undershoot and overshoot during
transients using DPC control compared to DHC control. The reason is that in the DPC
control technique the inductor current ripple frequency is lower than the switching
frequency due to the subharmonic oscillations.

However, during load off transient period the inductor current ripple frequency
of DPC control technique is same as that of the desired switching as shown in Figure
4-6 (c). The duty cycle during the transient time is less than 50% and, therefore, even
though with improper slope compensation, the desired switching frequency achieved in
transient. However, in steady state, the switching frequency is reduced due to improper
slope compensation when the duty cycle is above 50%.

The half load (25A) step change transient response of practical DHC control and
practical DPC control is shown in Figure 4-7, which shows that the subharmonic
oscillation is not affected by the load current and DHC control can maintain stable

output in different load conditions.
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Figure 4-7 Half load transient response of practical DHC control and practical DPC control.
The performance of practical DHC control and ideal DPC control (DAC
recovering time becomes zero) is also compared and shown in Figure 4-8. Figure 4-8

88



(a) shows the transient response comparison between practical DHC control and ideal
DPC control, which proves that DHC control can have equivalent performance with
ideal DPC control.

The additional benefit in using DHC control is that the switching frequency
amplitude (0.04) is distributed among different frequencies with amplitude less than
0.015 as shown in Figure 4-8 (b). This reduces input side filter size when compared to
DPC control. Figure 4-8 (b) shows the comparison of the FFT analysis of output voltage
and input current of DHC and ideal DPC controls. It can be observed that the voltage
and current FFT spectrum with DHC control has multiple frequency components around
the desired switching frequency but their magnitudes are small. Whereas, the voltage
and current FFTs with DPC control have single frequency component with high
magnitude. In other words, DHC control can disperse the switching frequency
harmonics, which is helpful to reduce input side filter size and also mitigates the

electromagnetic interference issue.
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Figure 4-8 Performance comparison between practical DHC control and ideal DPC control (a)
Transient response, (b) FFT spectrum.

45.  Summary

For high device switching frequency (>1 MHz) using GaN based power
converters, high bandwidth controllers are required. However, due to the
microcontrollers’ hardware limitations, the conventional digital peak current (DPC)
control technique introduces subharmonic oscillation and reduced switching frequency
operation on the power converter. In this paper, a detailed analysis and comparison
between DPC control and DHC control with hardware limitations have been performed.
It was found that the digital hysteretic current (DHC) control can overcome this
limitation without compromising on the switching frequency. DHC control achieved
reduced output voltage ripple and reduced overshoot/undershoot compared to DPC

control. The simulation results of 2.4 kW buck converter with a switching frequency of
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1.5 MHz validated the advantages of the DHC control over DPC control technique on
GaN FET converters.
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CHAPTERS. COMPACT PPS FOR NUCLEAR MAGNETIC

RESONANCE (NMR) APPLICATIONS

Nuclear Magnetic Resonance (NMR) spectroscopy utilizing pulsed RF signals
has been widely used in several applications such as subsea (or downhole) formation
analysis, magnetic resonance imaging (MRI), etc. Since pulsed RF signal’s
instantaneous power can be over ten times of its average power, converters designed in
peak power rating causes lower power density and higher cost, mainly due to the large
capacitor bank requirement for energy transfer. The proposed architecture adopts a two-
stage topology to reduce the required capacitance by over ten times, leading to a four-
fold improvement in power density. The first stage is an isolated converter only
supplying average power, therefore input filter and transformer sizes can get reduced.
The second stage is a fast response boost converter followed by a RF transmitter to
produce pulsed RF signals, so that the mid-point voltage after the first stage can be
allowed to droop considerably, leading to a much smaller size of capacitors. Design
methodologies for a 150 V DC to 400 V RF, 20 kW peak power converter are described.
Simulation results and preliminary experimental results are provided to prove the
concepts.

5.1. Conventional power supply for NMR application

Nuclear magnetic resonance (NMR) is widely used in logging while drilling
(LWD) and wireline (WL) operations [77][78]. Compared to class A or class AB
amplifiers, class D amplifiers have a significantly higher power efficiency to produce

RF signals and excite the NMR probe [79][80]. A typical power converter for LWD is
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shown in Figure 5-1 [81]. It includes an input filter, an energy storage block and a class

D amplifier. As operating waveforms show, the transmitter antenna broadcasts RF

signal out during on-state and the receiver antenna collects the echo radio during off-

state, after which the waveforms are analyzed to detect the geological structure.
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Figure 5-1 Typical power converter for antenna in NMR application and operating waveforms.

The power converter’s operating principle is as follows: a) during the off-state,

S1 turns on to charge the bulky capacitor C2, class D amplifier is off and transmitter

antenna is inactive; b) during the on-state, S1 turns off, C2 supplies the voltage for the

class D amplifier, S2 and S3 turn on alternately to produce a square wave which is

boosted by the transformer to the secondary side. The boosted square wave voltages
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Vsec goes through a LC resonant tank to produce RF sine waveform for the antenna to
transmit. Input source Vin does not supply power to class D amplifier directly, otherwise
the RF noise may affect the signal integrity. There are three major drawbacks for this
type of power converters:

. During the on-state, S1 turns off and the entire energy is supplied by capacitor
C2. In order to maintain the linearity of class D amplifier, the voltage across C2 can’t
drop dramatically. Therefore, large capacitance value (typically millifarads) has to be
chosen, which results in a bulky volume, especially in the high voltage application. Due
to the extreme environment of downhole applications, high temperature capacitors need
to be adopted, which decreases the power density further. To make the matters worse,
popular high temperature capacitors such as X7R [82] lose capacitance (by over 50%)
at very high temperatures, so redundant design is also needed for such an extreme
operating condition.

. In consideration of providing isolation, power converters as in Figure 5-1 need
to use transformers with peak power rating (tens of kilowatts [83]-[85]). However, peak
power only happens around ten percent of every period, which lead to a plenty of waste
on the rating design of transformers. It makes transformer occupy a large volume and
increase the cost of the whole power converter.

. Input filter is also needed to reduce the effect of pulse frequency harmonics on
input source. The low pulse frequency force input filter’s cut off frequency extremely
small which needs large inductance and capacitance value. In consideration of high
temperature environment and high voltage rating, the input filter also reduces power
density heavily.
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Focusing on these issues, a novel power converter architecture is proposed in
this paper to increase power density, mainly by reducing the size of the energy storage
capacitor C2, transformer and input filter — the main passive components in the
converter.

5.2.  Proposed architecture of system

The proposed two-stage converter architecture is shown in

Figure 5-2 and its main operating waveforms are shown in Figure 5-3. The

isolated converter in

Figure 5-2 ensures that the load is isolated to the input source and only transmits
the average power to capacitor Cmig. Thus, the power rating of this isolated converter
will be lower, typically one tenth of the peak power needed by pulsed load. Since Cmig
is charged by the average power during 90% of the time and discharged by the pulsed
power in roughly 10% of the time, the voltage across Cmid varies periodically. Therefore,
a boost converter is designed as the second stage in this topology to transfer the variable

Vemid to constant output Vout poost aS the class D amplifier power supply.

|
| |
| |
| :
| Vin |
: T — pllg : Vemid
I d |
| | Cmii
| _Is |
! B R T
L1 Isolated converter |

Figure 5-2 Simplified schematic of the proposed power converter for pulsed power in NMR
application and operating waveforms.
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Three primary benefits are achieved by this proposed topology:

1) The isolated converter outputs nearly constant power, which is the average of the
load power in the next stage. Therefore, the power rating of the transformer gets
reduced, hence reduces the size and cost.

2) The isolated converter outputting constant power also means that the input current
drawn from the source is constant; hence, the pulsed frequency harmonics do not
affect other circuits connected to the same input and leads to lower input filter size.

3) Since there is a boost converter to keep the class D transmitter’s input voltage
regulated, voltage across Cmig isn’t required to be constant. In other words, as the
main energy storage component, the energy utilization factor increases dramatically.
Thus, the value of Cmig will be significantly smaller compared to the storage
capacitor C2 in Figure 5-1.

These three benefits increase the power density of proposed architecture.
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Figure 5-3 Proposed power converter operating waveforms.

5.3.  Design and Analysis

A 150 V DC to 400 V RF, 20 kW peak power converter is taken as an example
to show the design of parameters. Gallium nitride (GaN) devices GS66516B is used in
this application, considering their wide band-gap suitable for very high temperatures

and low ESR with high current rating. The specifications of converter are listed in Table

5.1.
Table 5.1 Converter Specific
Symbol Parameter Value
Vin Input voltage 150V
Vemid Voltage across Cig 130 V~150 V
Vout_boost Output of boost converter 400 V
Vout_boost_pkpk The under/overshoot range of boost’s output 1%
Pload_on Average load power during on state 10 kW
Pload_on_peak Peak load power during on state 20 kw
Ton On time of single scaning period 30 us
Toft Off time of single scaning period 270 us
Pload_average Average load power 1 kw
fre RF signal frequency 500 kHz
foutse Pulse load frequency 3.3 kHz

5.3.1. Cmia value design

Since the isolated converter only processes the average power, the power
difference between the input and pulse load should be compensated by the mid-point

capacitor Cmig. From Table 5.1, it can be found that the input power is 1 kW while the
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load power (on-state) is 10 KW. Thus, the energy needed from the mid-point capacitor
Cnmid, E, can be deduced by
E = (10 kW — 1 kW) X Pulsewidth. (5.1)

Here, the pulse width is 30 us, so E is calculated as 0.27 J by

1
E = E Cmid(VCZmid_max - VCZmid_min)' (5'2)

If the midpoint voltage is set to a stiff range like 148.5 V < Vcmig < 150 V
(difference of 1% of Vcmid), the value of midpoint capacitor can be calculated with (5.2).
The result is around 1.2 mF which is a very large value. In addition, if the power supply
of the class D transmitter has a requirement of 1% variation for the converter in Fig. 1,
the voltage variation range for Vcz is also 1%, since there is no regulator after the storage
capacitor C2. Therefore, the minimum capacitance value of C2 will also be 1.2 mF in
this condition (even without considering the high temperature capacitance drift).

In order to reduce the size of mid-point capacitor, the voltage droop range should
be maximized to increase energy utilization factor. In Table 5.1, the maximum voltage
across Cmig is chosen as 150 V to make a fair comparison with the storage capacitor C2
in the conventional power converter, whose bias voltage is around 150 V, if the same
input source is used. The minimum voltage across Cmig is set as 130 V to allow for a
practically achievable step up ratio of boost converter design. Then, the minimum mid-
point capacitance value calculated using (5.2) will be Cmia = 96 uF, which is 12 times
smaller than energy storage capacitor C2 in Fig. 1. In practice, the input current cannot
be limited as a single constant value because the average value of the load power always

has some drift due to potential changes in pulse-width, devices and application
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environment. To deal with this practical drift, the input current should be allowed to
vary within a narrow range.

In consideration of certain voltage rating (>150 V) for mid-point capacitors (C2
in conventional topology and Cnig in proposed topology), tiny SMD ceramic capacitors
cannot be adopted. Therefore, proposed converter’s high power density advantage
becomes more prominent with the using of aluminum electrolytic capacitor. The
practical volume of capacitor C2 in conventional topology and Cmi¢ in proposed
topology has been compared in Table 5.2. To ensure a fair comparison, both capacitors
are chosen from the UCY series from Nichicon company.

For Table 5.2, it can be obviously concluded that the volume of intermediate

capacitor C2 can reduce around 10 times by adopting proposed topology.

Table 5.2 Mid-point capacitor size comparison

Conventional Proposed
topology topology
Cnmig minimum capacitance 1.2 mF 96 uF
Cnmid practically applied 330 uF*4 100 pF*1
Part number UCY2E331MHD9 UCY2E101MHD
Unit size (diameter*height) 18mm*41.5mm 16mm*21.5mm
Total volume 42220 mm3 4321 mm?

5.3.2. Resonant tank design

The main objective of the resonant tank is transferring the square wave output
of H bridge into sine wave for the antenna. Different resonant tank topologies are shown

in Figure 5-4.
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Figure 5-4 Different resonant tank topologies.

The transfer functions of series resonant tank Hs(s) and parallel resonant tank

Hp(s) can be derived as

1
Rantenna//S_Cr
Hp(s) = 1
Rantenna//ﬁ + SLr (53)

Rantenna

Rantenna + SLT‘ + SZ CrLrRantenna '

Rantenna

1

Rantenna + SCT + SLr

and H,(s) =

(5.4)

— RantennaSCr
1 + RantennaSCr + SZCT'LT ’

where, L is the resonant inductor, C, is the resonant capacitor and Rantenna IS the

equivalent load of the antenna.
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Based on (5.3) and (5.4), resonant tanks’ amplitude and phase response can be

drawn as Figure 5-5.
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Figure 5-5 Different resonant tanks amplitude and phase response.

From Figure 5-5, it can be noticed that parallel resonant tank operates as a
second order low pass filter, which can’t filter out the harmonics at pulsed load
frequency (3.3 kHz from Table 5.1). Hence, the sine wave has distortion under parallel
resonant tank. Besides, the output signal will also have phase delay with respect to the

input square wave at the resonant frequency.

In contrast, series resonant tank, operating as a band pass filter, is able to filter
out the harmonics at pulse frequency because of the attenuation at low frequency.
Therefore, the distortion of the output sine wave can be eliminated. Moreover, the phase
delay at resonant frequency is 0 degree, so the sine wave will be in the same phase with

input square wave. Thus, series resonant tank is a better candidate for this application.
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The resonant frequency can be assumed as f, = — Thus, the product of L,

2n\ /Ly Cy
and Cr can be finalized. However, if RantennaCr IS too large, the quality factor of the
resonant tank will be small, therefore, some harmonics will remain in the output sine
wave. Otherwise, if RantennaCr IS t00 large, it will take longer time for output to rise to
the desired levels. Thus, a trade-off should be taken care based on the requirement of

output signal slew rate and harmonics requirement.

5.3.3. Isolated converter control loop design

Isolated converter is designed to only outputting average power to next stage,

therefore constant power control loop is adopted as shown in Figure 5-6.

o sensed - Duty cycle

X > HPL

P ref

Vo sensed | -
= sHeLH =~

+ Limiter
V ref

Figure 5-6 Isolated converter close loop controller.

Output voltage Vo and average output current lo are sampled and sent to
controller. Outer voltage loop is designed with a very slow Pl; (bandwidth is 1/10th of
pulse frequency) to produce the constant power reference. The upper limit of limiter is
set as the reference of average power at maximum load. For inner average power loop,
lo and Vo are get multiplied to get the power information and Pl is designed with a

high bandwidth (1/5th of switching frequency) to make sure the average power sensed
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can accurately follow the power reference P_ref. Due to this average power controller,
isolated converter can only output average power and do not response to pulsed load

transient.

5.3.4. Input filter design

For standard conducted emissions test [17], the low frequency harmonics caused

by load should be limited in the range of Figure 5-7 at the input side.
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Figure 5-7 Harmonics requirement for conducted emissions test.

Based on this 150 V DC to 400 V RF application, the input side current
harmonics at 3.3 kHz pulse frequency should be less than 95 dBuA, which is 56 mA.
And the limit for 400 kHz switching frequency harmonics is 76 mA.

The input current of conventional topology can be simplified as a 90% duty
cycle (0=0.9) square waveform with 7.4 A peak to peak current (Amax=7.4 A) and 300

us period (T=300 us) as Figure 5-8 illustrated.
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Figure 5-8 Simplified input current of conventional topology.

The Fourier series of a pulse wave is:

£ = 7" + Zan co (Znnt), (5.5)
where,
f F£(£) cos (27; ) dt. (5.6)

Thus, the 3.3 kHz harmonics in this application can be calculated as 1.45 A. To
reduce current harmonics from 1.45 A to 56 mA, a -28 dB gain should be achieved by
input LC filter at 3.3 kHz. Since LC filter is a second order filter which has -40 dB gain
decrease per decade and -12dB gain decrease per double frequency, the LC resonant
frequency should be below than (3.3 kHz/10) * 2=660 Hz. To achieve such a low
frequency, a 470 pH inductor and 150 pH capacitor have to be adopted in this
application.

On the contrast, proposed topology has already set the bandwidth of outer

voltage loop at 1/10th of pulse frequency. Since it is a two pole system, the control loop
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can naturally achieve -40 dB gain at pulse frequency, so LC filter is completely not
needed in the proposed converter. Only some small capacitors are connected at input
side to filter out the 400 kHz switching frequency.

The practical volume of input filter in conventional topology and proposed
topology has been compared in Table 5.3. To ensure a fair comparison, both capacitors
are chosen from the UCY series from Nichicon company. For Table 5.3, it can be

concluded that the volume of input filter can reduce around 9 times by adopting

proposed topology.
Table 5.3 Input filter size comparison
Conventional Proposed
topology topology
Inductor 470 pH
Part number ATCA-08-471M-V N/A
Size (diameter*height) 42.5mm*21.5mm
Capacitor 150 pF 100pF
Part number UCY2E151MHDI1TN UCY2E680MHD3TN
Size (diameter*height) 18mm*26.5mm 16mm*21.5mm
Total volume 37224 mm3 4321 mm3

One thing needs to be clarified that is the input capacitor value in proposed

topology is not needed to be as large as 100 pF. The reason of choosing 100 uF is

because it shares the same package size with the smaller capacitance values.

5.4. Simulation and experimental results

The simulation parameters are shown in Table 5.4. The model of GaN device

GS66516B has been applied for the switches.
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Table 5.4 Simulation parameters

Parameter Value
Isolated converter
Input voltage Vin 150 V
Voltage across Cmid Vemid 130~150 V
Switching frequency fiso 400 kHz
Transformer’s turn ratio ny:ns 1:1
Isolated converter output inductor Lis 10 pH
ESR of Liso 3.2 mQ
Isolated converter output capacitor Cpig 100 pF
ESR of Cpig 5 mQ
Input decouple capacitor Ci, 100 pF
ESR of Cin 5 mQ
Boost converter
Output of boost converter Vout_boost 400 V
Switching frequency fuoost 1 MHz
Boost converter inductor Lpeost 4.7 uH
ESR of Lpoost 1.6 mQ
Boost converter output capacitor Cpgost 100 pF
ESR of Choost 5 mQ
H bridge
Switching frequency 500 kHz
Resonant tank
Resonant inductor L, 10 pH
Resonant capacitor C, 10 nF
Resonant frequency f, 500 kHz
Equivalent load resistor Rantenna 13Q
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The PSIM simulation waveforms are shown in Figure 5-9. From Figure 5-9, it
can be concluded that Vcmig varies in the designed range (130 V to 150 V) and Vout_boost

variation is less than 1%, which meets the specification requirements.
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Figure 5-9 PSIM simulation results--(a) Mid-point capacitor voltage [V], (b) Output voltage of
boost converter [V], (¢) Antenna output voltage [V], (d) Proposed converter input
power and output power [W], (e) Input current after input capacitor [A].

The input and output power waveforms show how the pulsed peak power
requirement is supplied by the much lower average power, which proves the validity of
the proposed topology about reducing the power rating of the transformer. The Cmig
adopted in this simulation is only 100 pF. Including the 100 uF capacitor Cpoost and 100
UF Cin, the total capacitance is 300 pF in this simulation, which proves that the

capacitance is dramatically reduced by the proposed topology compared to the 1.2
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mF+150 pF in existing power converters (Figure 5-1). And 470 puH inductor is also
eliminated by the proposed converter. From the Vantenna ZoOmed in waveform in Figure
5-9, it can be concluded that the series resonant tank operates properly to produce the
sine wave without any phase delay and distortion due to the pulse frequency.

A scaled down laboratory experiment has been done to verify the isolated
converter’s average power control strategy. It can be noticed from Figure 5-10 that
isolated converter can always output average power regardless of the load transient
(1_load), so that input current (1_in) is nearly constant. In this condition, input LC filter

for pulse frequency harmonics is completely eliminated by proposed topology.
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Figure 5-10 Scaled down pulsed load test results—(Ch. 2) Pulsed mode load current [A], (Ch. 3)
Input current before input capacitor, (Ch .4) Mid-point capacitor voltage [V].

5.5.  Summary

This section proposed a novel power converter architecture that can be applied

in pulsed power NMR applications such as in subsea or downhole formation evaluation.
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By adopting a two-stage topology, this architecture enforces the isolated converter to
only transfer average power, which reduces its power rating and the volume of
transformer and input filter. Furthermore, due to the boost converter in the second stage,
the voltage stability requirement of the storage capacitor can be relaxed, so the volume
of Cmid also decreased significantly. A 150 V DC to 400 V RF, 20 kW peak power
converter is designed for a pulsed NMR application. Simulation and scaled down
experimental results and design analysis are described to prove the validity of proposed
topology.

The trade-off for this architecture is it needs more switches than conventional
method. However, it can be fixed by adopting GaN devices which has quiet small size
and power loss compared with conventional Si based devices. This approach can also
be extended to other pulsed load applications such as Magnetic Resonance Imaging
(MRI) in healthcare and pulsed radar. This architecture’s benefits will be more
prominent when the passive components are required in higher voltage rating and higher
operating temperature.

Contribution:

1. A novel power converter architecture has been proposed and it can be applied in
pulsed power NMR applications such as in subsea or downhole formation
evaluation.

2. Proposed topology reduces the volume of transformer, input filter and Cmig due to

unique control strategy.

109



3. A 150 V DC to 400 V RF, 20 kW peak power converter is designed for a pulsed
NMR application. simulation, scaled down experimental results and design analysis
are described to prove the validity of proposed topology.

Paper publication:

Y. Yao and H. S. Krishnamoorthy, "High Density Power Converter Design for
Pulsed NMR Applications,” 2021 IEEE Energy Conversion Congress and Exposition
(ECCE), 2021, pp. 5927-5932, doi: 10.1109/ECCE47101.2021.9596051.
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CHAPTER 6. LINEAR ASSISTED FAST RESPONSE PPS

This chapter presents a linear assisted DC/DC converter to increase the response
speed and power density of pulsed mode applications, including radar systems. The
proposed architecture includes two power paths: (1) a full bridge converter as a high
power path for voltage control to efficiently process the main power and (2) a linear
amplifier as a low power path to achieve fast response speed by compensating current
difference between high power path and pulsed mode load. Hence, though the high
power path responds slowly, output voltage variations during pulsed transients can be
reduced. GS66516B, 650 V Gallium Nitride enhancement mode high electron mobility
transistors (GaN E-HEMT) are used as switching devices to enable higher operating
frequency with less loss. Finally, a 400 V to 28 V, 900 W converter is designed for a 4
A (average) / 32 A (peak) pulsed load scenario. Simulation results and design analysis

are described, proving the concept.

6.1.  Existing linear assisted DC/DC converter

Pulsed power electronics, including radars, are widely used in modern
applications, such as autonomous electric vehicles, weather forecasts, naval systems,
etc. Power amplifiers (PAs), as the main loads in such power applications, operate in
pulsed mode, which requires high energy in short bursts. PAs are traditionally supplied
by power converters with large capacitors to avoid huge voltage variations that may
harm the linearity of PAs and insert noise to the outputs of PAs. However, large
capacitors reduce the power density, which causes a big issue in space-constrained

environment, such as in a ship or an aircraft. For radars in naval ships, thousands of
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transmit receive modules (TRXMs) are included to provide the final stage of
amplification for transmitted signals and the first stage of amplification for received
signals. Thus, inside the TRXMs, thousands of PAs are used, operating in pulsed mode.
Figure 6-1 shows the power supply structure for a pulsed radar system with PAs. There
will typically be hundreds of conversion units equipped with large capacitors, which
will occupy huge space in a ship [34]. Moreover, since so many large capacitors are
used, the reliability also becomes a significant concern.

An active capacitor converter has been proposed in [86] to reduce the number
of capacitors, but it intentionally increases the output voltage ripple and can only be
applied in low voltage and low frequency pulsed load conditions. A buck converter with
active ramp tracking control has been proposed in [87] to achieve fast load transient
response, but high switching frequency produces a lot of switching loss and reduces the
power efficiency. A resonant converter topology has been adopted in [88] to supply
power for pulsed load so that the switching loss can decrease, but its switching table
control strategy for different loads delays the response speed and results in large output
voltage variation. It can be concluded that in the application of pulsed load, it is difficult
for single power converter to achieve small output capacitance, small output voltage
variation, and high efficiency at the same time. Therefore, linear assisted power
converters are proposed to solve this problem.

Several linear assisted power converter topologies have also been proposed
before for other applications, to increase the response speed, and reduce the voltage
variations. A series combination of DC/DC converter and linear amplifier has been
presented in [89] for envelope tracking. It is a two-stage topology having the benefits
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of fast response speed and small output capacitor, but it comes from the trade-off of low
power efficiency because all the current flow through the linear stage. Some parallel
combinations have also been proposed. For example, in [90]-[92], buck converters are
used to supply main power, and linear amplifiers are used to improve response speed,
but the control strategies are very complex. A band separation scheme is adopted in
[93], but it has a high requirement on the cut-off frequencies matching between the four
filters and, therefore, easy to be impacted by extreme application environments.
Independent controls on the linear stage and switching stage are explored in [94], but
the combiner (two diodes) between these two stages constrains the minimizing of the
voltage variations caused by load transient changes, which has a negative influence on
the PA’s linearity.

To address these issues, this paper proposes a single-stage hybrid topology with
two parallel power paths, adopting a full bridge converter as a high power path in
parallel with a linear amplifier as a low power path to achieve high efficiency and fast

response speed simultaneously.

Main Power s00v [ Tsolated | 28v[—{28VPA]
source [ LASEC i |_DC/DC 28V PA] |

~~ Large Cap

Power Conversion Unit

Figure 6-1 Power supply structure in a typical pulsed application with Pas.
A half bridge DC-DC converter is adopted to step down the input voltage and

supply the linear amplifiers for efficiency improvement, which also makes PA loads
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isolated to the high input voltage. Since linear amplifiers in low power paths only

convert power at pulsed load change transients, a half bridge converter can supply power

for tens of linear amplifiers at the same time. Thus, for a power supply of a pulsed radar

that contains thousands of PAs, the space occupied by the half bridge converters can be

shared by every single linear assisted DC/DC converter module to optimize space. 650

V Gallium Nitride enhancement mode high electron mobility transistors (GaN E-

HEMTS) are used in the power stage to reduce switching losses. The advantages of

proposed topology are as follows:

e High efficiency since linear amplifier only allows small transient power.

e Smaller output capacitor because of linear amplifier stage’s fast response speed.

e Easier control strategy since high power path only deals with voltage feedback and
low power path only handles current feedback, which allows these two power paths
to operate in parallel without any control conflict.

e Economical for long lifetime application due to the smaller output capacitor.

6.2.  Proposed architecture of the system

Figure 6-2 shows the block diagram of the proposed topology. The half bridge
DC/DC converter in the low power path supplies voltage to multiple linear amplifiers
in different low power paths. The proposed topology includes two power paths. The
high power path is responsible for keeping output voltage constant and supplying main
power to PAs load at high efficiency. The low power path senses the pulsed load current
and only responds to the high frequency part of the transient change of load current by

utilizing a high pass filter. It doesn’t supply any current during the steady states, which
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minimizes the low efficiency drawback of the linear amplifier. Since the high power
path only takes care of output voltage and the lower power path only controls output
current, these two paths don’t have any conflict about operating in parallel. In other
words, neither special control strategy nor combiner as in [93][94] is needed for the
parallel operation, which also makes it easy to design frequency compensation for the
control loop.

The operating principle of this topology is illustrated with the idealized
waveforms in Figure 6-3: (1) At average power state, only high power path outputs
current Inp to PAs load licad, low power path is off. (2) when licad increases suddenly,
due to its slow response speed, high power path gradually increases Inp, but cannot supply
enough current to lioad timely. Thus, energy stored in output capacitor is used to supply
for liead, Which drops the output voltage Vout. In the meantime, since low power path can
respond to the high frequency part of transient change of lioad, it supplies current Iy, to
compensate the current difference between load and Inp, Which reduces the current
supplied by the output capacitor. Thus, Vout Will not drop dramatically although output
capacitor is small. Then Inp increases to objective value and low power path turns off
again. (3) when loaq decreases suddenly, high power path decreases Inp but still due to
its slow response speed, there is a period during which Inp is larger than liead. Thus,
excess energy would be stored into the output capacitor, which would increase Vout. The
low power path responds to the high frequency part of this licad transient change and
pulls most excess current to the ground, which reduces the voltage spark in Vout. Then
Inp decreases to steady value, and the low power path turns off again. Since most of the
power flows through the high power path, which is highly efficient and low power path
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only works during liead transient change periods, the drawback of linear amplifier’s low

efficiency is minimized.

Figure 6-2 Block diagram of the proposed architecture.
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Figure 6-3 Idealized operating waveform.
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6.3.  Design and Analysis

6.3.1. High power path

The schematic of the converter is shown in Figure 6-4. The high power path
involves an efficient full bridge converter. Only voltage control loop is adopted in this
converter to maintain the constant output voltage. Current control loop is not needed
here because current sharing can be processed by the current control loop in low power
path, which makes it easier to design frequency compensation for this full bridge
converter. Optimal switching frequency is chosen based on the trade-off between

switching loss and sizes of L; and C1, where the value of L1 and C; can be calculated

by [95]
n
n_iVin = Vout
Loin = ,
e Ioutpeak—peak (6.1)
ton
dc Ioutpeak—peak
an in = )
e Voutpeak_Peak (62)
ton

where, ni:nz is the transformer turns ratios, Vin is input voltage, Vout IS output voltage,

Lout,eq—peak is the peak to peak value of output current, Vout peax-peak is the peak to

peak value of output voltage, ton is the on-state time every period. Since GaN E-HEMTSs
are used as switching devices, the operating frequency can be set a little higher, which
means ton can be smaller for smaller Ly and C;.

More efficient soft switching resonant converters are not adopted as the high

power path because in consideration of PAs operating in pulsed current load, converter

117



output current changes in an extremely wide range, which means the equivalent load
resistor varies in a wide range. In the meantime, since the voltage transfer ratio is high
in this application, the turns ratio n1:1 is also large. This wide variation of load resistor
and large turns ratio cause resonant tank’s quality factor to change dramatically with
load change, which means it is hard for a resonant converter to get soft switching during
the entire output range. Thus, resonant converter is not an ideal option for this high

voltage transfer ratio and wide load current range application.

6.3.2. Low power path

The schematic of high power path is also shown in Figure 6-4. A half bridge
converter and linear amplifier are connected in series to compose the fast response speed
low power path. The half bridge converter is used to step down input voltage to Vout plus
a certain value (typically the threshold voltage of power MOSFET Qy7), so that Q7 can
work in saturated region and dissipate least power loss. Half bridge converter is adopted
here because it can reduce the number of devices to achieve space saving. In addition,
since only very small portion of current flows through low power paths, a half bridge
converter is set as suppling voltage to tens of linear amplifiers in different low power
paths to save the space further. This half bridge converter is also set to switch at higher
frequency to reduce the size of transformer and output LC-filter.

Linear amplifier consists of two stages as shown in Figure 6-4. Amplifiers Az
and A are the first stage and responsible for amplifying the error voltage. MOSFET Q7
and Qs compose of the second stage and are responsible for amplifying current. Two

separate amplifiers are used in the first stage to control Q7 and Qs independently to avoid
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Q7 and Qs turning on simultaneously, which will lose a lot of power and decrease the

power efficiency.
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Figure 6-4 Schematic of proposed topology.

The cut-off frequency of high pass filter is designed based on the bandwidth of
full bridge converter in high power path. The transfer function of full bridge converter

is given in [96]

:ll_iVin
G(s) = ) (6.3)
2 Rq
SLC+S(Rl d+RdC)+Rz d+1
oa oa

where Rg=4Lkfsn2, Vin is the input DC voltage, Riaq IS equivalent load resistance, L is
the transformer leakage inductance referred to primary, fs is switching frequency and

ni:ny is transformer turns ratio. From (6.3), it can be concluded that this full bridge
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converter is a double-poles-system, which is unstable without frequency compensation.
PI control can be adopted to insert one pair of pole and zero to make the system stable.
Thus, depending on the PI control configurations, the final transfer function can be

defined and the cut-off frequency of high pass filter can be decided.

6.4. Simulation results and Data analysis

A 375V to 28 VV 900 W converter with 50 pF output capacitor was designed for
a4 A (average) / 32 A (peak) PA pulsed load and was simulated using PSIM. LTSpice
model of GS66516B (650 V GaN E-HEMT) was used in the simulation.

Figure 6-5 shows the current sharing condition in two power paths when pulsed
power is supplied, where I(Lout) is the inductor current of full bridge converter in high
power path, I(amplifier) is the output current of low power path and I(load) is the pulsed
load current. In addition, the proposed topology’s output voltage response waveform is
also compared with the waveform of same full bridge converter without linear assisted
block. From the results, it can be concluded that lower power path responses only for
the high frequency part of the load current transient and reduces the Vout ripple in
comparison with the same full bridge converter without assisted linear amplifier. The
peak to peak Vout ripple of proposed topology is 163 mV, far less than the 496 mV in
same full bridge converter without linear assisted, and is only 0.58% of Vou, wWhich

proves the effectiveness of the proposed topology.

120



30

25

20

15

10

28.3
28.2
28.1

28
27.9
278

27.7

Vout without linear assisted

I(load)

_____________________________

_____________________________

,,,,,,,,,,,,,,,,,,,,,,,,,,,,,

(@)

I(amplifier)

I(Lout)

_________________________

IJI.IlIHIll]lllIJ|.i|H|.I|H|.I|leI

-----------------------------------------------------------------------------------------------

0.001875 0.0019375

Time (s)

0.002 0.0020625

(b)
Figure 6-5 (a) Simulated waveforms of multi power pulses; (b) Zoom in figure of single power pulse
with current sharing waveforms.
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Table 6.1 Simulation Configurations Summary

Parameter name Value
Input voltage Vin 375V
Output voltage Vout 28V
Inductor Ly in full bridge converter 4 yH
ESR of Inductor L; 0.75 mQ
Capacitor C; in full bridge converter 50 uF
ESR of Capacitor C; 6 mQ
Inductor L in half bridge converter 1uH
ESR of Inductor L, 0.19 mQ
Capacitor C; in half bridge converter 10 uF
ESR of Capacitor C; 30 mQ
Number of linear amplifiers connected in one half bridge converter 10
Pulsed load current ljoaq 4A (av(epr:glf)) /327
Rise and fall time of l,ag change 10 us
Switching frequency of full bridge converter fs; 500 kHz
Switching frequency of half bridge converter fs; 1 MHz
Cut-off frequency of high pass filter 10 kHz
Turn ratios of transformer in full bridge converter, np:ns 6:1
Magnetizing inductance of transformer in full bridge converter 4.2 mH

Table 6.2 Different output capacitor simulation summary

Output capacitor CaX?::or Peal\</:(:plge)eak
50 puF 156.95 mm? 496 mV
100 pF 313.90 mm? 361 mV
150 pF 470.85 mm? 254 mV
200 pF 627.80 mm? 169 mv
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The main simulation configurations are summarized in Table 6.1. The peak to
peak voltage ripple simulation results of same full bridge converter without linear
assisted with different sizes of output capacitors are summarized in

Table 6.2. A 10 uF 75 V capacitor T521X106MO075ATE050, whose size is
7.3mmx4.3mmx4mm (LxWxH) is used to estimate the area needed by output capacitor.

From

Table 6.2, it can be concluded that if only using a same full bridge converter
without linear assisted, a 200 pF output capacitor will be used, which will occupy 627.8
mm2 PCB area for every single pulsed PA power supply. In comparison with only 50
WF capacitor needed in the proposed topology, 75% capacitor area can be saved in every
single pulsed PA power supply. Capacitor used in half bridge converter is 10 uF (from
Table 1) and the area of this capacitor is divided by ten because ten linear amplifiers
share power from one half bridge converter. So, the area of this capacitor can be ignored

in single pulsed power supply.

6.5. Summary

This paper proposed a novel linear assisted DC/DC converter for the application
of a single stage higher input voltage, pulsed mode power amplifier to increase response
speed and reduce the output capacitors. It includes two power paths, the high power path
responsible for voltage control and supplying main power, and the low power path for
fast response speed. The current difference between high power path and pulsed load
could be compensated to reduce the size of the output capacitor. A 375 V to 28 V 900

W GaN-based converter for a 4 A (average) / 32 A (peak) PA pulsed load was studied,
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designed and simulated in this paper to prove the concept. The simulation results show
that the maximum voltage ripple decreased over 2/3rd when compared with the same
full bridge converter without linear assisted amplifier. With a 50 puF output capacitor,
the voltage ripple is only 0.58% of output voltage, which proves this topology’s
practicality for power supply of PAs in pulsed load application. The capacitor area in
this pulsed PA power supply is also analyzed and the result shows proposed topology
can dramatically reduce the area occupied by capacitor.
Contribution:
1. A linear assisted DC/DC converter is designed for pulsed load to improve the
response speed.
2. A band separation solution is proposed and verified by simulation to deal with the
parallel output issue.
Paper publication:
Y. Yao, H. S. Krishnamoorthy and S. Yerra, "Linear Assisted DC/DC Converter
for Pulsed Mode Power Applications," 2020 IEEE International Conference on Power

Electronics, Smart Grid and Renewable Energy (PESGRE2020), 2020, pp. 1-5.
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CHAPTER 7. CONCLUSIONS AND FUTURE WORK

7.1. Conclusions

This dissertation discussed the main issues of the PPS design and proposed
several novel solutions for different pulsed power applications to overcome the low
power density, low efficiency, and slow response speed issues.

Chapter 2 proposed a GaN-based two-stage power converter with novel control
methods for LF pulsed load applications. With average current control, the first stage
isolated converter transfers consistent average current to the second stage, which helps
in reducing the input filter size to <17% of the one without average current control. A
flexible intermediate voltage is applied to reduce the volume of the midpoint energy
storage capacitor. Using the proposed digital input feed forward compensator in the
second stage fast converter, poor line regulation issue caused by varying midpoint
voltage Vmid was avoided. Hence, the Vmig range can be as large as possible without
affecting VVdroop on the output voltage. A 375 V input 50 V output 800 W (average) /
4 KW (peak) converter prototype was built and tested. The experimental results
validated the proposed topology and the control strategy. The converter’s power
densities are 168.5 W/in® and 80 W/in®, without and with the heatsink, respectively.
Table 2.2 summarizes the benefits of the proposed topology over other topologies. The
effectiveness of the proposed concepts makes them attractive for pulse load applications
requiring fast response and high power density, such as radar systems.

The main issues faced by GaN-based PSFB converters, such as load-dependent

ZVS, transformer saturation, and secondary side ringing, were analyzed in detail and
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solved in chapter 3. An adaptive burst mode control was proposed to improve the power
efficiency at light load. This adaptive burst mode control could achieve both smaller
equivalent switching frequency and smaller single switching loss (ZVS for most
switching cycles) at the light load condition, which dramatically improved the light load
efficiency. A correction factor ‘K’ was designed in the current loop PI calculation to
ensure that the adaptive burst mode smoothly switches the output current between 0 A
and minimum ZVS current. A 375 V input 70 V output 800 W prototype was built, and
the test results verify the effectiveness of the proposed approach. The efficiency
comparison also shows a big improvement from 88% to 92.5% at around 3 A load
current. The proposed approach can be very effective in applications such as laboratory
power supplies, telecom/server power supplies, etc., which usually face a wide range of
load conditions.

Chapter 4 discussed the microcontrollers’ hardware limitations on the
conventional DPC control techniques. Detailed analysis and comparison between DPC
control and DHC control with hardware limitations have been performed. It was found
that the digital hysteretic current (DHC) control can overcome this limitation without
compromising on the switching frequency. DHC control achieved reduced output
voltage ripple and reduced overshoot/undershoot compared to DPC control. The
simulation results of a 2.4 kW buck converter with a switching frequency of 1.5 MHz
validated the advantages of the DHC control over DPC control technique on GaN FET
converters.

Chapter 5 proposed a novel power converter architecture that can be applied in
pulsed power NMR applications. By adopting a two-stage topology, this architecture
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enforces the isolated converter to only transfer average power, which reduces its power
rating and the volume of the transformer and input filter. Furthermore, due to the boost
converter in the second stage, the voltage stability requirement of the storage capacitor
can be relaxed, so the volume of Cnig also decreased significantly. A 150 V DC to 400
V RF, 20 kW peak power converter is designed for a pulsed NMR application.
Simulation and scaled-down experimental results and design analysis are described to
prove the validity of the proposed topology. The trade-off for this architecture is it needs
more switches than the conventional method. However, it can be fixed by adopting GaN
devices which have a quite small size and power loss compared with conventional Si
based devices. This approach can also be extended to other pulsed load applications
such as Magnetic Resonance Imaging (MRI) in healthcare and pulsed radar. This
architecture’s benefits will be more prominent when the passive components are
required in higher voltage rating and higher operating temperature.

Chapter 6 proposed a novel linear assisted DC/DC converter for the application
of a single stage higher input voltage, pulsed mode power amplifier to increase response
speed and reduce the output capacitors. It includes two power paths, the high power path
responsible for voltage control and supplying main power, and the low power path for
fast response speed. The current difference between the high power path and pulsed load
could be compensated to reduce the size of the output capacitor. A 375V to 28 V 900
W GaN-based converter for a 4 A (average) / 32 A (peak) PA pulsed load was studied,
designed, and simulated in this paper to prove the concept. The simulation results show
that the maximum voltage ripple decreased over 2/3rd when compared with the same
full bridge converter without a linear assisted amplifier. With a 50 yF output capacitor,
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the voltage ripple is only 0.58% of output voltage, which proves this topology’s
practicality for power supply of PAs in pulsed load application. The output capacitor
area in this pulsed PA power supply is also analyzed and the result shows proposed

topology can dramatically reduce the area occupied by the output capacitors.

7.2.  Future work

The work presented in this dissertation can be extended in various possible ways.

A few are listed below:

1) Two stage structure’s benefits have been proved in chapter 2 and chapter 5.
Therefore, for other applications (e.g. narrow input voltage range), the first stage
can be redesigned with LLC resonant or switch capacitor for even better efficiency
and power density.

2) The adaptive burst mode proposed in chapter 3 can also be utilized in other
switching power converters that have output current feedback to achieve better light
load efficiency and reduced current rating.

3) The linear assisted methods proposed in chapter 6 can also be combined with the
two stage structure proposed in chapter 2 and chapter 5 so that the response speed

can furtherly increase without much power loss increases.
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